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Abstract

This thesis explores the design and applications of subharmonic mixers in CMOS

microwave integrated circuits. First, a 2× down-converting subharmonic mixer is

demonstrated with a measured conversion gain of 8 dB using a 2.1 GHz RF signal.

Extending the concept of the 2× subharmonic mixer, a 4× subharmonic mixer is pro-

posed that operates in the 12 GHz Ku-band. This circuit is the first 4× subharmonic

mixer in CMOS, and achieves a 6 dB conversion gain, which is the highest for any

4× subharmonic mixer regardless of circuit topology or fabrication technology. Fur-

thermore, it achieves very high measured isolation between its ports (e.g. 4LO–RF :

59 dB).

Since both the 2× and the 4× subharmonic mixers require a quadrature oscil-

lator, a new oscillator circuit is presented that could be used with either of the

aforementioned mixers. This quadrature oscillator uses active superharmonic cou-

pling to establish the quadrature fundamental relationship. The oscillation frequency

is 3.0 GHz and the measured output power is −6 dBm.

A dual-band mixer/oscillator is also demonstrated that can operate as either a

fundamental mixer or a subharmonic mixer depending on a control voltage. This

circuit operates from 5.0 GHz to 6.0 GHz or from 9.8 GHz to 11.8 GHz by using

either the fundamental output or the second harmonic output of the quadrature
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oscillator circuit described above and achieves conversion gain over both frequency

bands.

A novel frequency tripler circuit is presented based on a subharmonic mixer. This

circuit uses the 2× subharmonic mixer discussed above, along with a feedforward

fundamental cancellation circuit. The measured fundamental suppression is up to

30 dB and the conversion gain is up to 3 dB. Finally, a frequency divider circuit

based on a subharmonic mixer is presented that divides the input signal frequency by

a factor of three. This circuit uses a single-balanced version of the 2× subharmonic

mixer described above in a regenerative divider topology. The measured input signal

bandwidth is 300 MHz (5.2 GHz to 5.5 GHz) with an input power of −7 dBm and

the maximum conversion gain is 0 dB.
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Chapter 1

Introduction

1.1 Motivation

Society’s demand for wireless communication devices that are faster and more robust

with increased functionality has been ongoing for decades and it is not likely that it

will subside anytime in the near future. In order to accommodate higher data-rate

systems and to avoid the increasingly cluttered frequency spectrum in the low-GHz

area, many new systems will need to move to higher frequencies where new challenges

in circuit design are encountered. To address this issue, new circuit topologies need to

be demonstrated that become increasingly advantageous as the frequency of operation

is increased. This is one motivation for the work in this dissertation.

In addition to the relentless desire to increase the performance of wireless commu-

nications systems, the desire to reduce costs is universal. The integrated circuit fabri-

cation technology used to realize almost all digital microprocessors is complementary

metal-oxide-semiconductor (CMOS) technology, which is very low-cost compared to

other fabrication technologies due to economies of scale. It is therefore very desirable

1



Chapter 1. Introduction 2

for the RF/microwave circuits in wireless communication devices to use CMOS tech-

nology in order to minimize costs. As such, all of the microwave integrated circuits

in this thesis use CMOS technology. Furthermore, if both the RF/microwave circuits

and the digital circuits use CMOS technology there is the potential for realizing a

complete system-on-a-chip (SoC), which can lead to increased functionality, further

cost reductions, and significant reductions in device size.

As discussed above, there are many advantages that can be gained if a system-

on-a-chip can be realized for a given application. Unfortunately, the most common

wireless receiver architecture (superheterodyne) contains components that are often

very difficult or impossible to integrate on the same chip as the microwave and digital

circuitry. To address this issue, there has been much interest of late in an alternative

wireless communication receiver architecture (direct-conversion) that does not require

the difficult-to-integrate components. Of course, new challenges are introduced with

this alternate architecture, and new circuits need to be investigated to address these

issues, which is another motivation for this work.

This dissertation predominantly focuses on an essential circuit used for wireless

communications, namely, the mixer, as well as the application of mixers in other

frequency conversion circuits. Mixers are fundamental circuit elements that are used

in both transmitters and receivers to convert signals in the frequency domain. In

general, mixers have three ports: a radio frequency (RF) port, a local oscillator

(LO) port, and an intermediate frequency (IF) port. In transmitters, they are used

for modulation and up-conversion to ease wireless transmission. Correspondingly,

in receivers, mixers are used for demodulation and down-conversion. In most cases,

mixers are realized by using the non-linearities in active devices or by using switches.
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A specialized type of mixer, a subharmonic mixer (SHM), has unique advantages that

can address some of the issues discussed above regarding next-generation wireless

communication devices, and as such is the focus of this thesis.

1.2 Microwave Integrated Circuits in CMOS

Over the past 15 years there has been a tremendous amount of interest in the use of

CMOS technology for RF and microwave circuits (often referred to as RF CMOS).

As mentioned previously, there are significant benefits that can be derived from the

use of CMOS for RF circuits including the possibility of achieving the much heralded

system-on-a-chip. By combining the RF circuitry with the digital processing circuitry

on the same substrate, a significant cost savings can potentially be obtained. Since

the predominant technology used for digital circuitry is CMOS there is a natural

desire to use CMOS technology for RF circuits as well. In addition to system-on-a-

chip aspirations, it is also desirable to use CMOS for RF and microwave applications

because it is generally much less expensive than other technologies that have been

used in the past (e.g. GaAs). There are, however, significant challenges that are

encountered when using CMOS for RF circuits. Prior to the 1990s there was very little

work in the area of RF CMOS because the transistor could not attain the required

performance at high frequencies. The enormous advances in CMOS technology have

in large part been due to the geometrical scaling of the transistor. Two common

figures of merit for the high frequency performance of transistors are ωT and ωmax,

which are the frequencies at which the current and power gain, respectively, equal

unity and are given by [1]:
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ωT =
gm

Cgs + Cgd

(1.1)

ωmax =
1

2

√
ωT

rgCgd

(1.2)

where gm is the transconductance of the transistor, rg is the series gate resistance, and

Cgs and Cgd are the parasitic gate-source and gate-drain capacitances, respectively.

When the transistor is scaled, the parasitic capacitances decrease, which leads to an

increase in ωT and ωmax, and improved high frequency performance. For example, it

is currently possible to use CMOS technology to realize microwave mixers and low

noise amplifiers up to 60 GHz [2], and voltage controlled oscillators up to 192 GHz

[3]. Recently, a cutoff frequency of over 400 GHz was achieved using CMOS 45 nm

silicon-on-insulator (SOI) technology [4]. With this extremely high cutoff frequency,

it is expected that the applications of CMOS technology in the microwave/millimeter-

wave will continue to grow for some time into the future. For all of the circuits in

this thesis, either CMOS 0.18 µm or CMOS 0.13 µm technology was used. The cutoff

frequency, fT , for CMOS 0.18 µm is approximately 45 GHz and for CMOS 0.13 µm

it is approximately 105 GHz [5].

In addition to the high-frequency performance of the CMOS transistor, the other

major challenge to using CMOS for RF circuits is in regards to obtaining high quality

passive components, or more specifically, inductors. Inductors in RF CMOS circuits

are typically realized using a spiral. There are several metal layers available in any

modern CMOS technology and the inductors are generally fabricated on the top metal
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layer. There are two primary reasons for this: (1) the top metal layer is generally

the thickest and thus has the lowest ohmic losses and (2) the relatively low resistiv-

ity of the silicon substrate causes serious parasitic effects, which can be reduced by

increasing the distance between the inductor and the substrate. At high frequencies

there can be significant capacitive coupling to the substrate and image currents pro-

duced that can seriously degrade an inductor’s performance. Furthermore, since these

structures can be relatively large in order to yield the desired value of inductance,

the inductor’s metal lines are correspondingly quite long and in many cases narrow,

which can cause significant ohmic losses. The combination of these parasitic effects

results in inductors with relatively low quality factors (Q-factors).

1.3 Thesis Overview

This thesis is organized topically by chapter. After a literature review, each chapter

explores a different application of subharmonic mixers in CMOS microwave integrated

circuits, with a summary in the final chapter.

A literature review is first presented in Chapter 2 that allows the contributions

of this thesis to be placed into a broader context. A brief discussion of the previous

work relevant to each of the circuits demonstrated in this thesis is presented.

Chapter 3 explores a 2× subharmonic mixer circuit using CMOS technology. This

circuit investigates the level of performance attainable and design issues with SHMs in

CMOS in preparation for designing a more advanced 4× subharmonic mixer circuit.

Included in this work is a circuit that generates a quadrature LO signal from a

single-ended LO input. Furthermore, an RF input active balun is used to generate a

differential RF signal from a single-ended input and an output active balun is used to
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convert back to a single-ended signal for measurement. A conversion gain equation

for the mixer core circuit is derived and measurement results are shown.

Having verified the 2× subharmonic mixer topology in Chapter 3, the concept is

extended in Chapter 4 to realize a 4× subharmonic mixer that operates as a Ku-band

down-converter. This circuit requires octet-phase LO input signals, and as such, a

circuit is included on-chip to generate these signals from a differential LO input. An

RF input balun similar to the one used in Chapter 3 is implemented at a much higher

frequency (12.1 GHz as opposed to 2.1 GHz). A mathematical analysis of the mixer

is presented that explains how this circuit internally multiplies the frequency of the

LO signal by a factor of four.

Since the mixers presented in both Chapters 3 and 4 rely on a quadrature local

oscillator signal, Chapter 5 presents a compact quadrature oscillator that is suitable

for use with either mixer. This quadrature oscillator uses a technique called active

superharmonic coupling to enforce the quadrature fundamental relationship. Mea-

surement results are shown for the oscillator including output power spectrum, phase

noise, and quadrature accuracy.

Having explored subharmonic mixer circuits as well as an oscillator, Chapter 6

combines these circuits to realize a dual-band oscillator/mixer circuit for C-band and

X-band applications. The mixer operates using either the fundamental oscillator

output, or the second-harmonic output of the oscillator depending on the state of

a set of complementary switches. Therefore, this circuit can operate as either a

fundamental mixer, or a subharmonic mixer depending on a single control voltage.

In fundamental-mode, the circuit operates with RF input signals in C-band (5.0 GHz

to 6.0 GHz), and in subharmonic-mode the circuit operates with RF input signals in
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X-band (9.8 GHz to 11.8 GHz). Measurement results are shown for both states of

the circuit.

In Chapter 7, a frequency multiplier is presented that uses a subharmonic mixer

to realize a frequency multiplication by three. Whereas most frequency multipliers

are even-ordered, a subharmonic mixer with the same input signal for the RF and

LO ports will produce an output signal that has a component at the fundamental

frequency and a component at three times the fundamental frequency. A feedforward

circuit is used to cancel the fundamental output of the subharmonic mixer, leaving

(ideally) only the tripled frequency component. Measurement results are shown that

indicate high-levels of fundamental suppression can be achieved using this technique

without a filter.

In Chapter 8, a frequency divider is demonstrated that divides the input signal

frequency by a factor of three using a single-balanced version of the 2× subharmonic

mixer described in Chapter 3. A regenerative frequency divider topology is used

with the 2× subharmonic mixer in CMOS 0.13 µm technology to realize a frequency

divider that accepts an input signal from 5.2 GHz to 5.5 GHz and outputs a signal

from 1.73 GHz to 1.83 GHz. Measurement results for this frequency divider are shown

including the output power spectrum as well as the bandwidth obtainable for different

input power levels.

Finally, a summary of the thesis is presented, as well as a review of the contribu-

tions made to the field of microwave integrated circuits through this work. The thesis

concludes with a discussion of potential directions for future work on subharmonic

mixers in microwave integrated circuits.
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1.4 Contributions

The major contributions of this thesis are as follows:

◦ The first 4× subharmonic mixer demonstrated in CMOS technology, and the

highest conversion gain for any 4× subharmonic mixer regardless of technique

or technology used. A measured conversion gain of 6 dB was achieved along

with very high isolation between ports, which demonstrates the potential of

high-order subharmonic mixers in CMOS technology. (Chapter 4) [6].

◦ A unique frequency tripler circuit that uses a subharmonic mixer and fundamen-

tal cancellation to achieve conversion gain of 3 dB and fundamental suppression

of up to 30 dB without a filter (Chapter 7) [7].

◦ The first 2× subharmonic mixer demonstrated in CMOS technology with mea-

sured results using the proposed topology, and one of the first CMOS subhar-

monic mixers overall. Active baluns were used for all ports to realize a compact

layout, and the measured conversion gain of 8 dB demonstrates the potential

for high conversion gain with this topology. (Chapter 3) [8].

◦ The most compact quadrature oscillator using the superharmonic coupling tech-

nique and a phase noise of −116 dBc/Hz at a 1 MHz offset for a 3.0 GHz output

frequency, which is the lowest phase noise for a quadrature oscillator using active

superharmonic coupling (Chapter 5) [9].

◦ A novel dual-band mixer/oscillator circuit that uses a single mixer core and a

single oscillator circuit for operation in both C-band and X-band. This circuit
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achieves a conversion gain for RF input signals from 5.0 GHz to 6.0 GHz and

from 9.8 GHz to 11.8 GHz (Chapter 6) [10].

◦ A novel frequency divider circuit that divides the input signal frequency by

a factor of three using a subharmonic mixer in a regenerative topology. This

circuit can achieve a conversion gain of up to 0 dB and an input signal bandwidth

of up to 430 MHz. Since the majority of frequency dividers are even-order (often

divide-by-two or four), the proposed odd-order divider circuit can add flexibility

to microwave circuit design (Chapter 8) [11].



Chapter 2

Literature Review

2.1 Mixer Background

This section will provide a brief background on both fundamental mixers and sub-

harmonic mixers in order to set the stage for a more detailed literature review of

previous mixer circuits.

2.1.1 Fundamental Mixers

By far the most common type of mixer is the fundamental-mode mixer. In this type

of mixer, the sum and difference of the two input frequencies are produced at the

output, as shown in Figure 2.1. Specifically, in the case of down-conversion, if fRF

and fLO are the two mixer input signal frequencies, then the IF output signal will

have frequency,

fIF = fRF − fLO (2.1)

10
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Figure 2.1: Fundamental mixer block diagram.

Alternatively, if the mixer is being used for up-conversion with fIF and fLO inputs,

the RF output signal will have frequency,

fRF = fIF + fLO (2.2)

In order to generate this frequency translation, a nonlinear device is required. A

straight-forward mathematical identity can illustrate how a nonlinearity can produce

this operation. Consider two signals, cos(ω1t) and cos(ω2t), that are multiplied to-

gether through a device nonlinearity,

cos(ω1t)cos(ω2t) =
1

2
(cos((ω1 − ω2)t) + cos((ω1 + ω2)t)). (2.3)

It is clear that the sum and difference frequencies are produced as desired for a funda-

mental mixer. Potential nonlinear devices that can be used for mixing include diodes,

transistors, and superconducting junctions for sub-millimeter waves. For example, by

considering the I–V relationship for a diode it is easy to see how it could be used as a

mixer. Conceptually, consider a single diode with an applied voltage that is the sum
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of two sinusoids, vRF and vLO, where

vRF = ARF cos(ωRF t) (2.4)

vLO = ALOcos(ωLOt). (2.5)

Thus, the voltage across the diode is:

vd = ARF cos(ωRF t) + ALOcos(ωLOt). (2.6)

The diode current, Id, is given by:

id = Is

(
e

vd
Vth − 1

)
= Is

[
1 +

vd

Vth

+
1

2!

(
vd

Vth

)2

+
1

3!

(
vd

Vth

)3

+ ...− 1

]
(2.7)

where Is is the reverse-bias saturation current and Vth is the diode thermal voltage.

From (2.6) and (2.7) it is clear that a large number of spectral components will be

produced. For example, the squared term in (2.7) will produce the sum and difference

frequencies, (ωRF + ωLO) and (ωRF − ωLO), respectively as well as double frequency

terms, 2ωRF and 2ωLO. The cubic term in (2.7) will produce frequency components

at 3ωRF , 3ωLO, (2ωRF ± ωLO) and (2ωLO ± ωRF ). Therefore, a diode can be used to

perform both fundamental and subharmonic mixing.

2.1.2 Subharmonic Mixers

In a subharmonic mixer (SHM), the LO frequency is internally multiplied, thus pro-

ducing mixing components from the RF frequency and an integer multiple of the LO

frequency, as shown in Figure 2.2. If fRF is the RF input frequency and fLO is the

LO input frequency then the output signals will have frequency,

fIF = fRF ± nfLO (2.8)
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Figure 2.2: Subharmonic mixer block diagram.

where n is the order of the subharmonic mixer. The use of a subharmonic mixer with

order n = 4, for example, permits the use of an LO with one-quarter the frequency

that would be required with a fundamental-mode mixer.

In this thesis, when n = 2 the circuit will be referred to as a 2× subharmonic mixer

and when n = 4 the circuit will be called a 4× subharmonic mixer. The reduction

in LO frequency can potentially simplify the LO design and can improve the phase

noise performance of the oscillator, which can ultimately improve the overall system

performance. At high-frequencies in particular, it may be difficult to design an LO

with the required output power and phase noise, which makes the subharmonic mixing

technique attractive.

As mentioned previously, a single diode could be used to implement a subharmonic

mixer. However, as the order of the subharmonic mixer increases, the amplitude

rapidly decreases as can be seen from Equation (2.7). Furthermore, since there are

many intermodulation products generated by the diode, the system may require a

very high-performance filter. Subharmonic mixers used at millimeter-wavelengths are

often implemented with diode circuits since it can be difficult to realize LO signals
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Figure 2.3: Anti-parallel diode pair conceptual circuit.

and transistor-based mixer circuits at such high-frequencies.

The most common type of subharmonic mixer circuit is based on the anti-parallel

diode pair (APDP), shown in the conceptual circuit in Figure 2.3 [12]. In this circuit,

the sum of the RF and LO signals are applied to the APDP,

vd = vRF + vLO = ARF cos(ωRF t) + ALOcos(ωLOt) (2.9)

and the currents through each of the diodes is given by:

id1 = Is

(
e

vd
Vth − 1

)
(2.10)

id2 = Is

(
e
−vd
Vth − 1

)
(2.11)

where Is is the reverse-bias saturation current and Vth is the diode thermal voltage.

The total current flowing through the APDP is

id = id1 − id2 = Is

(
e

vd
Vth − e

−vd
Vth

)
(2.12)

which, expanding the Taylor-series to the third-power, gives

id = Is

[
1 +

(
vd

Vth

)
+

1

2

(
vd

Vth

)2

+
1

6

(
vd

Vth

)3
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−1 −
(−vd

Vth

)
− 1

2

(−vd

Vth

)2

− 1

6

(−vd

Vth

)3
]
, (2.13)

which simplifies to

id = Is

[
2
(
vd

Vth

)
+

1

3

(
vd

Vth

)3
]
. (2.14)

Substituting (2.9) into (2.14) and using basic trigonometric identities yields

id = Is

[
2

Vth

(ARF cos(ωRF t) + ALOcos(ωLOt)) +
1

3V 3
th

(
A3

RF cos
3(ωRF t)

+3A2
RFALOcos

2(ωRF t)cos(ωLOt) + 3ARFA
2
LOcos(ωRF t)cos

2(ωLOt)

+ A3
LOcos

3(ωLOt)
)]
. (2.15)

Since the amplitude of the RF signal will generally be much smaller than the LO

signal amplitude, the approximation can be made that ALO � ARF , which simplifies

the diode current expression to

id = Is

[
2

Vth

(ARF cos(ωRF t) + ALOcos(ωLOt))

+
1

3V 3
th

(
3ARFA

2
LOcos(ωRF t)cos

2(ωLOt) + A3
LOcos

3(ωLOt)
)]
. (2.16)

The frequencies contained in the expression for id given in (2.16) are: ωRF , ωLO,

2ωLO +ωRF , 2ωLO−ωRF , and 3ωLO. The presence of the 2ωLO +ωRF and 2ωLO−ωRF

signal components clearly verify the potential for using an APDP to implement a

subharmonic mixer. The APDP structure conveniently eliminates the even-order

intermodulation products, however, the fundamental RF and LO signals feedthrough

to the output and therefore this topology generally requires a filter at the output.

While diode-based subharmonic mixer circuits have been the most common type,

there are many advantages to using transistor-based subharmonic mixers, such as

the potential for conversion gain. This thesis focuses on FET-based subharmonic
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mixers, which, while less common than diode-based subharmonic mixers, have been

growing in popularity as interest in direct-conversion receivers has increased, and as

the high-frequency performance of CMOS transistors has improved.

2.2 Wireless Communication System Architecture

The predominant applications of subharmonic mixers have in the past been in high-

frequency systems where it is advantageous or necessary to use a lower LO frequency.

Recently, direct-conversion receiver architectures have grown in popularity, which has

led to an increased interest in subharmonic mixers because of their inherent ability to

reduce LO self-mixing and increase overall receiver performance. In this section, the

applications of subharmonic mixers will be discussed in both superheterodyne and

direct-conversion architectures to provide context for the work in this thesis.

2.2.1 Superheterodyne

For over 75 years the dominant receiver architecture has been the superheterodyne

technique. Patented in the United States by Edwin Armstrong in 1920 [13], the super-

heterodyne receiver method solved several problems at the time by down-converting

the received radio frequency signal to a lower intermediate frequency where filtering

and amplification could be more easily implemented.

A block diagram of a simplified superheterodyne receiver is shown in Figure 2.4.

The signal received by the antenna is filtered using a bandpass filter (BPF) and then

amplified by a low-noise amplifier (LNA). A local oscillator (LO) signal is generated

and its frequency is multiplied, if necessary, to the required value. The RF signal is
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Figure 2.4: Block diagram of a superheterodyne receiver.

down-converted to a lower frequency (IF) for further processing using a mixer. After

the signal has been down-converted to IF, it is filtered and amplified. The IF filter

is often implemented off-chip using a surface acoustic wave (SAW) filter, which is a

significant disadvantage to using the superheterodyne technique and can be avoided

by using direct-conversion (discussed in the next section). An I/Q demodulator is

then used to convert the signal to baseband. The demodulator uses another LO and

two more mixers to convert the signal to baseband where it goes through a low-pass

filter (LPF) and is then converted to the digital-domain via the analog-to-digital

converters (ADC) where it can be processed further. While only one IF stage is

shown in Figure 2.4, in some applications there would be two or more intermediate

frequency stages.

The work in this thesis on subharmonic mixers could be implemented in several

places in the block diagram of the superheterodyne receiver shown in Figure 2.4. First,

any or all of the three mixers shown in Figure 2.4 could be subharmonic mixers. Since

subharmonic mixers internally multiply the frequency of the LO, a lower LO frequency
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could be used, which has several potential benefits such as ease of design and improved

oscillator phase noise. A reduction in oscillator phase noise can ultimately result in

a lower receiver noise figure and improved receiver sensitivity. Furthermore, at very

high frequencies (e.g. millimeter-wave), it may not be possible to realize an LO at

the desired frequency and there may be no choice but to use a subharmonic mixer

or a frequency multiplier. A reduction in the DC power consumption of the local

oscillator might also be possible since it operates at a much lower frequency when

using a subharmonic mixer, which would ultimately result in a longer battery life

for portable electronics. Of course, the savings in LO power consumption needs to

be compared to any additional DC power required by a subharmonic mixer over a

fundamental mixer. A frequency multiplier is shown in Figure 2.4 connected to the

output of a local oscillator. In this thesis, a new design for a frequency tripler is

proposed that is based on a subharmonic mixer. Also demonstrated in this thesis

is a new quadrature oscillator circuit that could be used for the LOs in Figure 2.4.

Subharmonic mixers could also be used in the transmitter in a similar way in order

to lower the LO frequency.

2.2.2 Direct-Conversion

As discussed in the previous section, superheterodyne receivers convert the RF signal

to a lower IF where it is filtered and amplified. While IF amplification is easily

achieved on an integrated circuit, realizing a high-performance IF filter on-chip is

very difficult. In fact, an external filter (often a SAW filter) is usually required, and

therefore it is not possible to design an entire system-on-a-chip (SoC). In a direct-

conversion receiver, the RF signal is converted directly to baseband, and as such there
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is no image frequency to reject and no off-chip components are required.

A block diagram of a simplified direct-conversion receiver is shown in Figure 2.5.

This receiver architecture clearly requires fewer components that the superheterodyne

receiver in Figure 2.4. Most importantly, there are no IF filters required, since the RF

signal is converted directly to baseband. After the signal is received by the antenna,

it is filtered in the bandpass filter and amplified in the LNA. The RF signal is then

converted directly to baseband by using mixers and an LO that has a frequency equal

to the RF carrier. The down-converted signal is then low-pass filtered and amplified

before being converted to the digital domain.

While the elimination of the IF filter is a significant advantage to using direct-

conversion, there are challenges that must be overcome in order to use this archi-

tecture, one of the most significant of which is LO self-mixing, which can seriously

degrade performance through increased noise and intermodulation distortion [14].

Since the RF carrier is converted to DC, any DC offsets that are created by the mixer

Figure 2.5: Block diagram of a direct-conversion receiver.
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itself can interfere with the desired signal since many efficient modulation formats

have significant spectral content at or near DC (e.g. GMSK, QPSK, etc.). Given

that the LO is generally a strong signal, it can easily couple to various circuits on the

chip, which can result in a DC offset from the LO signal mixing with itself. There

are several possible paths for LO self-mixing, as shown in Figure 2.6 [15]. Path 1

represents the LO signal that is coupled to the RF port of the mixer, which will then

mix with itself and produce a DC offset. Path 2 represents LO coupling to the input

of the LNA, which can be particularly problematic since it will then be amplified

along with the RF signal before entering the RF port. Path 3 in Figure 2.6 repre-

sents the LO signal coupling to the antenna where it is radiated and reflections of

this signal by nearby objects are received by the antenna and are shown in Path 4.

Path 4 can also represent a strong nearby interfering signal that is received by the

antenna and could couple to the LO port and self-mix, also producing a DC offset.

Whereas Paths 1 and 2 would generate static DC offsets, the results of paths 3 and

Figure 2.6: Potential LO self-mixing paths.
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4 would be dynamic due to the changing operating environment. Complementary

metal oxide semiconductor (CMOS) technology, in particular, is very susceptible to

LO self-mixing due to the relatively low substrate resistivity that easily allows energy

to couple to other sub-circuits on the chip.

To combat the LO self-mixing problem, several techniques have been suggested

such as the use of a frequency doubler at the output of the LO [16] and the use of a

subharmonic mixer. While fundamental mixers could be used in Figure 2.5, subhar-

monic mixers are very attractive in direct-conversion receivers since they can reduce

LO self-mixing by using an LO frequency that is much lower than the RF. Further-

more, since the frequency of the LO is reduced there can be significant additional

benefits regarding performance and ease of design, as discussed previously.

2.3 Mixer Circuit Review

In this section, a literature review of current state-of-the-art mixer circuits will be

discussed. Fundamental mixers will first be explored, followed by 2× and 4× subhar-

monic mixers.

2.3.1 Fundamental Mixers

2.3.1.1 Diode-Based Mixers

The use of diodes in mixer circuits is extensive. Recent research on diode-based mixers

generally focuses on very high-frequencies where the use of more complex techniques

(e.g. the Gilbert-cell, discussed in the next section) are not possible due to limited

high-frequency transistor performance. Since the work in this dissertation is focused
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on FET-based mixers, a literature review of diode-based mixers is beyond the scope

of this thesis.

2.3.1.2 FET-Based Mixers

A plethora of mixer circuits have been realized using field-effect transistors, the most

popular of which is the Gilbert-cell, shown in Figure 2.7 [17]. This mixer can easily be

implemented monolithically using either bipolar transistors or field-effect transistors

and has several advantages such as excellent isolation between its ports due to its

double-balanced structure and can have a reasonably high conversion gain.

The operation of the Gilbert-type mixer is as follows. The differential RF signal is

fed into the gates of the bottom two transistors, M1 and M2, and the differential LO

signal is applied to the upper transistors (M3–M6 ). The upper two pairs of transistors

Figure 2.7: Gilbert-cell mixer.
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are cross-coupled and act as current switches, changing the polarity of the currents

flowing through the drain resistors, Rd. The output signal is taken differentially

between v0 and v180. Degeneration resistors can be inserted in the sources of the

bottom (RF) transistors to provide feedback and improve the linearity of the mixer.

Inductors are also commonly used for this purpose, and are preferable from a noise

standpoint, since, ideally, they do not contribute any noise to the system. Of course,

all real inductors have an associated resistance that generates noise, but there can

still be a significant reduction in the overall noise figure for the mixer by using this

technique. The drawback to using degeneration inductors is the additional IC area

that they require. Using on-chip degeneration inductors will use much more area than

resistors, and thus will increase the cost of the chip.

Since this mixer circuit has two stacked transistors, and possibly more depending

on how the current source is implemented, the use of this circuit topology may not be

possible in a low-supply voltage, low-power application. The noise-figure of Gilbert-

cell mixers is obviously technology-dependent, but it can be somewhat high since

there are at least six active devices contributing noise, as well as possibly two or

more resistors. The input reflection coefficient to a Gilbert-cell mixer will be very

high due to the high input impedance presented by the gates of the FETs since they

are predominantly capacitive. To obtain a reasonably good input impedance match,

a matching network is typically required if the mixer is to be used as a discrete

component. This matching network can be implemented using on-chip inductors

and capacitors, or off-chip with packaged inductors/capacitors or transmission line

structures. A matching network on-chip will use a significant area, which will increase

the cost of the circuit. Off-chip matching networks generally require taking the signal
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off-chip and then back on which adds noise to the system and the losses may result

in the need for additional amplification.

A recent example of a CMOS Gilbert-cell is presented in [18]. In this work, CMOS

0.13 µm technology was used to realize a wideband 9 GHz to 50 GHz down-convert

mixer. This circuit used the basic Gilbert-cell shown in Figure 2.7 with a couple of

additions. First, on-chip transformers were used to convert the single-ended RF and

LO signals to differential. At the output, source follower buffers were used to drive

the 50 Ω load of either the measurement equipment or the next stage in the receiver.

Finally, a current injection technique was used to increase the gm of the RF transistors,

and improve the overall conversion gain. The mixer achieved a measured conversion

gain of over 5 dB from 9 GHz to 50 GHz and RF–IF isolations of over 40 dB and LO–

RF isolations over 20 dB in this frequency range. The IIP3 of the mixer at 20 GHz

was 1.2 dBm and the noise figure (DSB) was 16.4 dB. The power consumption of the

circuit was 97 mW and the chip was relatively compact at 0.5 × 0.5 mm2.

In [19], another wideband CMOS Gilbert-cell mixer was presented that operated

from 0.3 GHz – 25 GHz. LC ladder matching networks were used to achieve such

a wideband input impedance match. The conversion gain was approximately 10 dB

from 10 GHz to 25 GHz and the return loss was better than −7 dB from 3 GHz

to 25 GHz. The RF–LO and LO–RF isolations were better than 25 dB. The power

consumption of the mixer core was 71 mW. Due to the inductors that were integrated

on-chip, the area of the IC was larger than otherwise would be necessary at 0.8 × 1.0

mm2.

While the most common type of FET mixer is the Gilbert-cell topology (or vari-

ations thereof), there are many other FET circuits that can be used to realize a
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fundamental mixer. For example, one popular technique is the resistive FET mixer,

shown in Figure 2.8. Resistive mixers using FETs are passive mixers that use the

nonlinearity of the FET resistance to enable mixing. More specifically, since the LO

is generally a large signal, the non-linear characteristics of the transistor alter the

FET resistance with the LO signal. The FET is generally biased in the resistive, or

triode region of operation, and filters are used for the RF and IF ports. Advantages

of resistive FET mixers include their relative simplicity (compared to Gilbert-cell

mixers, for example) and that they generally do not consume any DC power. How-

ever, they can have significant conversion losses which offsets these advantages. An

example of a FET resistive mixer from the literature is given in [20]. In this work,

90 nm CMOS silicon-on-insulator (SOI) technology was used to realize a 26.5 GHz

to 30 GHz resistive mixer. The circuit in Figure 2.8 was used in [20] with parallel

LC filters for both the RF and IF ports as well as an LO gate inductor for matching.

The conversion loss for this circuit was between 9 dB and 13 dB from 26.5 GHz to

Figure 2.8: Resistive FET mixer.
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30 GHz with an LO power of 5 dBm. The IIP3 was 12.7 dB and the single-sideband

noise figure was 11.4 dB. The measured isolations were between 22 dB and 33 dB for

all ports.

2.3.2 Subharmonic Mixers

As discussed previously, direct-conversion receivers convert the received signal directly

to baseband as opposed to first converting to an intermediate frequency. The primary

advantage to using direct-conversion is that there is no image frequency produced,

and, consequently much simpler and inexpensive filtering can be used. To this end,

and to take advantage of the benefits of a lower LO frequency, there have been

many 2× subharmonic mixers (SHMs) demonstrated in the literature. There are

a large number of 2× SHMs based on the APDP configuration discussed earlier in

this chapter, however, there are also many transistor-based 2× SHMs. Since the

circuits proposed in this thesis are FET-based SHMs, the 2× SHM literature review

section will focus on transistor-based subharmonic mixers. In a following section that

examines existing 4× subharmonic mixers there will be a discussion of several APDP

SHMs, since these are the dominant type of 4× subharmonic mixers.

2.3.2.1 2× Subharmonic Mixers

There have been many 2× SHMs proposed (e.g. [21–37]). In most cases (e.g. [22,

23, 31–33, 35, 36]), modifications to the Gilbert-cell mixer (Figure 2.7) were made

in order to generate the double frequency LO component to mix with the RF. One

common modification to the Gilbert-cell to enable subharmonic mixing is by using an

additional level of LO switching transistors and using quadrature LO signals rather
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than differential [25, 28, 31, 35]. This circuit, shown in Figure 2.9 with bipolar

transistors, has three-levels of transistors with the 0◦ and 180◦ LO signals applied to

the gates of the middle LO-transistor level, and the 90◦ and 270◦ LO signals applied

to the gates of the top LO-transistors. This configuration generates the doubled LO

frequency signal, 2fLO, that mixes with the differential RF signal that is applied

to the gates of the bottom transistors. Since this technique requires three levels of

transistors, it generally requires a higher DC supply voltage than the basic Gilbert-

cell and its use may not be possible in low-voltage applications. The topology shown

Figure 2.9: Basic 2× subharmonic mixer circuit used in [25, 28, 31, 35].
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in Figure 2.9 was introduced by [35], where it was implemented using a Si/SiGe HBT

technology and using passive on-chip RC phase shifters to generate quadrature LO

signals. This circuit was designed for direct-conversion applications with an RF signal

from 1 GHz to 2 GHz and an LO frequency from 500 MHz to 1 GHz. With a DC

supply voltage of 2.5 V, the measured conversion gain was 13.5 dB with an LO power

of 10 dBm, a double sideband (DSB) noise figure of 10.4 dB, an IIP2 of 29.7 dBm,

and an IIP3 of −3.5 dBm.

The circuit shown in Figure 2.9 was also used in [31] with a SiGe BiCMOS process.

Polyphase filters were used to generate the required quadrature LO signals in this

work and the circuits was designed for RF signals from 5 GHz to 6 GHz and an IF of

50 MHz. The voltage conversion gain of the mixer was measured to be 6 dB, with an

IIP2 of 29 dBm. The 2LO–RF isolation was measured to be greater than 55 dB and

the LO–RF isolation was greater than 50 dB. The power consumption for the mixer

was 16.5 mW and the chip area was 2.3 mm × 1.8 mm.

A circuit similar to the one in Figure 2.9 was also used in [28], however, in this

work CMOS 0.13 µm technology was used and the circuit was adjusted for passive

operation. The circuit was designed for 24 GHz direct-conversion applications and

used an RF preamp as well as LO and IF buffers. The quadrature LO signals were

generated using an off-chip 90◦ hybrid along with on chip active baluns. The measured

overall conversion gain of the circuit was 3.2 dB and the DSB noise figure was 10 dB.

The 1-dB compression point was −12.7 dBm and the power consumption including

the RF preamp and buffers was 13.6 mW. The measured 2LO–RF isolation was 57 dB

and the size of the fabricated chip was 0.9 mm × 0.65 mm.



Chapter 2. Literature Review 29

Yet another implementation of the basic subharmonic mixer circuit shown in Fig-

ure 2.9 is presented in [25]. In this work, an RC–CR phase shifter network is used

to generate the required quadrature LO signals and CMOS 0.18 µm technology was

used for RF input signals in the 5 GHz band. The measured maximum conversion

gain of this circuit was 9.5 dB and the LO–RF isolation was 48 dB. The IIP3 was

−7.5 dBm, the 1-dB compression point was −20 dBm, and the power consumption

was 17.5 mW.

A different modification to the Gilbert-cell to enable 2× subharmonic mixing is

demonstrated in [36] using a 0.35 µm BiCMOS technology. This circuit, which is

shown in Figure 2.10, uses only two levels of transistors similar to the traditional

Gilbert-cell, however, it exchanges the position of the LO and RF transistor (i.e. the

LO transistors are on the bottom and the RF transistors are on the top). Similar to

the circuit in Figure 2.9, quadrature LO signals are also required for this topology.

In [36], the quadrature signals were generated on-chip from a differential LO input

using RC–CR networks. The circuit in [36] was designed for an RF signal at 1.9 GHz

and an LO signal at 900 MHz (a 100 MHz IF). The measured conversion gain for

this circuit was 7.5 dB and the single-sideband (SSB) noise figure was 10 dB. The

input 1-dB compression point was −8 dBm and the IIP3 was −3 dBm. The power

consumption was 24 mW.

A comparison between the three most common transistor-based 2× subharmonic

mixers circuits is presented in [33]: (1) the circuit in Figure 2.9 (three-level), (2)

LO transistors on the bottom (Figure 2.10), and (3) LO transistors on the top (not

shown, but used in [23]). It was found through this comparison that the circuit

topology in Figure 2.9 can operate with the lowest LO power levels, but requires a
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Figure 2.10: Subharmonic mixer circuit proposed in [36].

higher DC voltage supply compared to the other two topologies. Furthermore, the

circuit in Figure 2.9 has the lowest maximum operating frequency out of the three

topologies. The bottom-LO SHM shown in Figure 2.10 has advantages in terms of

power consumption, linearity, RF–IF isolation, and noise figure. The third topology

discussed (LO transistors on top, [23]) can achieve a higher conversion gain and higher

2LO–RF isolation.

Clearly, from the preceeding discussion of 2× subharmonic mixers, the requirement

of quadrature LO signals is very common (e.g. [22–25, 28, 32, 36]). Furthermore, in

[29–31], octet-phase signals of the LO were used with subharmonic mixers.

There are several circuits that have been used to realize 2× subharmonic mixers

using FETs that are not based on the Gilbert-cell. For example, in [37], the RF
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signal was applied to the gate of a FET while the LO signal was applied to the bulk

connection of the FET (using CMOS 0.18 µm technology). This technique of injecting

the LO signal into the bulk of the transistor has the effect of modulating the threshold

voltage and exploiting the non-linearity that results to realize a subharmonic mixer.

The measured conversion gain in [37] was 10.5 dB with an RF frequency of 2.1 GHz

and LO frequency of 1.025 GHz. The input 1-dB compression point was −12 dBm

and the IIP3 was −3.5 dBm. The measured noise figure (DSB) was 17.7 dB and the

power consumption was 2.5 mW.

As a final example of a 2× subharmonic mixer, a 9 GHz to 31 GHz 2× subharmonic

passive mixer was demonstrated in 90 nm CMOS technology in [21]. A simplified

schematic of the circuit used in [21] is shown in Figure 2.11. This basic circuit can

operate with either the RF signal applied to the gate and the LO applied to the source,

or vice-versa (LO-source-pumped or LO-gate-pumped, respectively). The capacitor

Figure 2.11: Passive FET subharmonic mixer.
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Cg is used primarily as a DC-block and Ls and Cs are used as a high-pass filter and for

input matching. The FET’s gate bias is provided by Vg through a large resistor, Rg.

Since it is a passive mixer, there is no DC current through the transistor (both the

drain and source are DC-ground). The implementation of the circuit in Figure 2.11

in [21] used a π-network composed of two capacitors and one inductor to implement

a low-pass filter at the IF output. This circuit is unique in that it can operate with

either a 1
2
fLO or 1

3
fLO (i.e. either a 2× or 3× SHM). The conversion loss for the 2×

SHM-mode was between 8 dB to 11 dB over the RF frequency range and it was 12 dB

to 15 dB for the 3× SHM-mode over the RF frequency range. The IIP3 was 3 dBm

for the 1
2
-LO source pumped mode and 7 dBm for the 1

3
-LO source-pumped mode.

The minimum 2LO–RF isolation for the 1
2
-LO source-pumped mode was 27 dB over

the band of operation and the minimum 3LO–RF isolation was 45 dB for the 1
3
-LO

source pumped mode. The dimensions of the fabricated chip were 0.9 mm × 1.0 mm

and given its passive operation there was no DC power consumption used by this

SHM.

2.3.2.2 4× Subharmonic Mixers

There have been several 4× SHMs previously demonstrated [38–43]. The vast major-

ity of these circuits used diodes to perform the mixing, which eliminates the possibility

of achieving conversion gain. As discussed previously, it is possible to use an anti-

parallel diode pair for subharmonic mixing, and this diode configuration conveniently

cancels some of the undesired mixing products. In fact, nearly all 4× SHM circuits

use an APDP and filters in configurations such as the one shown in Figure 2.12.

For example, in [41], an APDP was used for a direct-upconverter using the
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Figure 2.12: Subharmonic mixer using an anti-parallel diode-pair.

basic circuit shown in Figure 2.12. The RF and IF filters were implemented by

an RF/baseband duplexer that used coupled-line filters combined with a stepped

impedance low-pass filter and rejection stubs. A transmission line matching network

was used for the LO signal to minimize the LO input reflection coefficient. In this

work, a baseband input signal was used along with a ∼10 GHz LO signal to produce

a ∼40 GHz RF output signal. The measured isolation between the RF and IF (base-

band in this case) ports was greater than 30 dB. The conversion loss of this hybrid

microwave circuit was quite high (21 dB to 15 dB, as the LO power is increased from

6 dBm to 11 dBm).

An MMIC implementation of the APDP circuit shown in Figure 2.12 was presented

in [39]. In this work, a 94 GHz quadruple subharmonic mixer (4× SHM) was designed

and measured using GaAs MESFET technology. A coupled-line bandpass filter was

used for the RF port and stub filters were used at the IF and LO ports. The 94 GHz

RF input signal was mixed with a ∼23.5 GHz LO input signal to down-convert the

RF to a 100 kHz IF. The maximum conversion gain for this design was measured
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to be −11.4 dB at an LO input power of 10 dBm and the input 1-dB compression

point of this SHM was approximately −6 dBm The fabricated chip dimensions were

0.9 mm × 1.4 mm.

In [40], a 4× SHM was presented again using APDP in a hybrid implementation

with two packaged diodes and a 10 mil duroid substrate. The RF signal used in this

work was in the upper Ka-band (38.5 GHz to 40 GHz) and the LO frequency was in

X-band, which produced a IF output centered at 2.5 GHz. Matching and filtering for

all three ports was accomplished primarily with transmission line stub filters. The

minimum conversion loss of this circuit was measured to be 9 dB and the return loss

for the RF, IF, and LO ports was approximately −20 dB, −20 dB, and −15 dB,

respectively.

In the GaAs-based MMIC APDP-based 4× subharmonic mixer presented in [38]

a number of anti-parallel diodes were used in addition to transmission line stub filters

in order to extract the signal at (ωRF − 4ωLO). More specifically, this design replaced

the single APDP shown in Figure 2.12 with a triple diode implementation (six diodes

in total with three in each direction). The purpose of the triple APDP was to reduce

the diode series resistance in an attempt to decrease the conversion loss of the mixer.

The circuit operates with an LO input frequency range from 12 GHz to 16 GHz and

RF input frequency range from 50 GHz to 65 GHz. The minimum conversion loss

for the circuit is 11 dB with a 7 dBm LO input signal. The LO–IF isolation was

measured to be as low as 17 dB and the LO–RF isolation was measured to be as

low as 33 dB in the intended frequencies of operation (other isolation measurements,

such as 4LO–RF were not given). Linearity measurements were not reported for this

work.



Chapter 2. Literature Review 35

As a final example of a 4× SHM based on the APDP circuit shown in Figure 2.12,

a V-band MMIC was presented in [42]. This work used GaAs PHEMT technology

along with CPW transmission lines. Stub filters were used for the RF and LO signals,

while lumped element inductors and capacitors were used for IF matching and low-

pass filtering. In addition to the APDP, this design also used FETs for amplification,

which enables the possibility of obtaining conversion gain from the overall circuit

(the APDP that does the actual mixing of course still has a conversion loss). The LO

frequency was 14.5 GHz and the RF signal was 60.4 GHz, producing an IF output at

2.4 GHz. Th maximum measured conversion gain was 0.8 dB for an LO input power

of 12 dBm. The LO–RF and LO–IF isolations were both higher than 40 dB. The

dimensions of the fabricated MMIC were 1.9 mm × 2.6 mm.

One of the very few instances where a 4× subharmonic mixer has been demon-

strated not using diodes is presented in [43]. In this work, GaAs MESFETs were used

in a cascode configuration along with several stubs for RF and LO port filtering. The

FETs were used to generate and enhance the fourth harmonic of the LO input signal

and then mix it with the input RF signal. Lumped inductors and capacitors were

used at the IF output for both matching and low-pass filtering. The RF range for this

circuit was from 59.4 GHz to 60.9 GHz with an LO input frequency of 14.5 GHz. The

measured conversion gain was 2.5 dB to 3.4 dB for an LO input power of 13 dBm. Iso-

lation measurements showed an LO–RF isolation of 46.2 dB and an LO–IF isolation

of 53.6 dB. The fabricated chip dimensions were 1.9 mm × 1.8 mm.

Generally, and as would be expected, 4× SHMs have more loss than 2× SHMs,

which in turn generally have more conversion loss that fundamental mixers. In most

cases, 4× subharmonic mixers do not exhibit a conversion gain.
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2.4 Oscillators Circuit Review

Oscillators are fundamental components in wireless communications systems that can

be used for several applications. Communication systems that use phase shift keying

modulation frequently require a pair of LO signals that are in quadrature, or 90◦ out-

of-phase. Furthermore, quadrature signals are commonly required in direct-conversion

receivers or low-IF systems as well as in digital radio communication systems such as

GSM and DECT [44]. Every mixer, whether fundamental, or subharmonic, requires

a local oscillator signal, and as such, a literature review of CMOS oscillator circuits

will be presented in this section.

2.4.1 Resonators for CMOS Microwave Oscillators

A microwave resonator is the component in a microwave oscillator that determines

the frequency of oscillation. There are many ways to implement a resonator. The

decision as to which type to use can depend on many factors, such as operational

frequency, required performance, cost, and required area. A resonator can be as

straight-forward as a series or parallel LC network, and in fact, almost all CMOS

oscillators use simple LC resonators. Regardless of what type of resonator is used,

most resonators can be modeled as a parallel or series RLC circuit around resonance.

The resonant frequency for parallel and series RLC resonant circuits is given by:

ω0 =
1√
LC

. (2.17)

The quality factor, or Q-factor, is a characterization of the loss of a resonant structure

(higher Q implies lower loss). It is defined as

Q = ω
Average energy stored

Energy loss per second
(2.18)
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and for a series RLC circuit, it is:

Q =
1

ω0RC
. (2.19)

For a parallel RLC circuit, the Q-factor is given by:

Q = ω0RC. (2.20)

LC resonators are the easiest to implement on-chip at relatively low microwave fre-

quencies, and are the type used for most CMOS oscillators. However, the Q-factor

of the resonant circuit can be quite low due primarily to the low quality factor of the

inductor, which can lead to poor phase noise performance. In fact, the phase noise

of an oscillator is proportional to 1/Q2. Therefore, by improving the Q-factor of the

inductor (which is usually the limiting element in the Q-factor of an LC resonator)

the performance of the oscillator can be vastly improved.

Spiral inductors in standard CMOS technology are often modeled as shown in

Figure 2.13 [45]. In this model, Ls is the low-frequency inductance, Rs is the series

resistance of the coil, Cs is the capacitance between the different windings of the

inductor, C1 and C2 are the capacitances in the oxide layer between the coil and the

substrate, Cp1 and Cp2 are the capacitances between the coil and the ground through

the silicon substrate, and Rp1 and Rp2 are the eddy current losses in the substrate.

This model has proven to be an accurate representation of CMOS inductors and is

used extensively. While minor performance improvements can be obtained in CMOS

inductors by using patterned ground shields [46], they are generally limited to about

Q < 20 by the intrinsic properties of the CMOS process (and often have a Q-factor

of about 5 in CMOS 0.18 µm technology). It is therefore very difficult to design an

oscillator in CMOS technology that has very low phase noise.
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Figure 2.13: Common model used for CMOS inductors.

2.4.2 Common Oscillator Topologies

There are many different oscillator topologies that can be used to implement mi-

crowave oscillators in CMOS technology. This section will focus on the state-of-the-

art for two of the most common oscillator topologies in CMOS: the Colpitts oscillator

and the cross-coupled FET oscillator. Lastly, techniques for generating quadrature

output signals are discussed.

2.4.2.1 Colpitts Oscillator

A very common oscillator circuit that can easily be implemented monolithically is the

Colpitts oscillator, one configuration of which is shown in Figure 2.14. The detailed

analysis of this circuit is covered in many standard microelectronics texts (e.g. [47])

and will not be repeated here. Essentially, the circuit oscillates by providing positive

feedback from a capacitive voltage divider to an amplifier. The oscillation frequency
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Figure 2.14: Colpitts oscillator circuit.

is given by:

ω0 =
1√
LCeq

(2.21)

where

Ceq =
C1C2

C1 + C2

. (2.22)

This circuit is more applicable to CMOS integration compared to other variants of

this oscillator topology. For example, the Hartley oscillator uses a tapped inductor

for feedback rather than a tapped capacitor, and is therefore much less attractive

for CMOS implementations. Of course, the performance of this oscillator will be

primarily determined by the quality of the resonator, and thus the quality of the

inductors and capacitors used.

An example of a CMOS Colpitts oscillator from the literature is demonstrated
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in [48]. In this work, a 5 GHz Colpitts oscillator using 0.18 µm technology was

presented. A differential form of the standard Colpitts oscillator was used along with

varactors in the place of static capacitors. In the differential version of the Colpitts

oscillator, two single-ended Colpitts oscillators (Figure 2.14) were coupled to ensure

odd-mode oscillation (and suppression of even-mode oscillation). The tuning range

of the circuit was from 4.61 GHz to 5.0 GHz and the output power was 4 dBm. The

phase noise was measured to be −120.42 dBc/Hz at a 1 MHz offset and the DC power

consumption of the oscillator core was 3 mW.

2.4.2.2 Cross-Coupled MOSFETs

The cross-coupled FET oscillator is the most common microwave oscillator topology

used in CMOS technology. An LC oscillator can be modeled with the capacitor

and inductor in parallel with a resistor to model the losses in the tank as well as a

negative resistance that models the active device. One way of generating the negative

resistance to compensate for the losses in the LC tank is to use a cross-coupled

differential pair as shown in Figure 2.15. The resistance, Rin, looking into the cross-

Figure 2.15: Negative resistance generated from cross-coupled FETs.
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coupled pair is given by:

Rin = − 2

gm

, (2.23)

where gm is the transconductance of each of the FETs in the cross-coupled pair.

Therefore, with an appropriate device size and biasing, the value of negative resistance

required to counteract the losses in the tank can be realized. A commonly used LC

oscillator circuit using the cross-coupled differential pair is shown in Figure 2.16. In

this implementation a relatively low supply voltage is possible since there are only

two levels of transistors, but it requires two inductors, which can consume significant

chip area.

The oscillator topology shown in Figure 2.16 was used in [49]. In this work,

CMOS 0.13 µm technology was used to design a 60 GHz VCO with a 6 GHz tuning

range. The capacitor shown in Figure 2.16 was replaced with a varactor to enable

the frequency tuning. The signal output power was approximately −10 dBm and the

Figure 2.16: Cross-coupled FET oscillator.
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phase noise at a 1 MHz offset was −90.7 dBc/Hz.

A slight modification to this topology is shown in Figure 2.17. It has been shown

[50] that by including the cross-coupled PMOS transistors at the top of the circuit the

phase noise can be reduced considerably. Furthermore, only one inductor is required,

which is an advantage over the previous circuit. However, since there are now three

levels of transistors, implementations with a very low power supply such as in [51]

would not be possible with this configuration. The oscillation frequency for this

circuit can be found from the formula for the resonant frequency of an LC tank:

f0 =
1

2π
√
LCtot

, (2.24)

Figure 2.17: Complementary cross-coupled FET oscillator.
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where L is the value of the on-chip spiral inductor and Ctot is the total capacitance

between the drains of the two cross-coupled transistors (including any parasitic ca-

pacitance). Of course, by using a varactor instead of the static capacitor in the tank,

a voltage controlled oscillator can be realized.

A circuit using the cross-coupled topology shown in Figure 2.17 was described in

[52]. Standard CMOS 0.18 µm technology was used in this design to realize a VCO

that operates from 9.3 GHz to 10.4 GHz. The phase noise performance was −89 dBc

at a 100 kHz offset and the DC power consumption of the VCO core was 5.8 mW.

The spiral inductor (0.5 nH) had a Q-factor of 10 while the varactor had a Q-factor

of 38.

2.4.2.3 Quadrature Oscillators

The oscillator circuits discussed above produce either a single-ended or a differen-

tial output signal. There are several techniques that can be employed to generate

quadrature signals. One straight-forward method is to use an RC–CR phase shift

network with a standard oscillator to create a 90◦ phase shift [53]. Since the phase

shift is completely dependent on the values of the resistors and capacitors, any devi-

ation in the fabricated values of these components will directly lead to a error in the

accuracy of the quadrature signals. Resistors, in particular, have large tolerances in

most CMOS processes, and therefore this method can lead to poor accuracy in the

quadrature signals that are generated.

Another approach to generate quadrature signals is to use a digital divide-by-

two frequency divider that follows an oscillator running at twice the fundamental

frequency [54]. The use of this technique at high frequencies is inherently limited
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since an oscillator operating at double the desired frequency is required.

A third common technique is to force two VCOs to run in quadrature by using

coupling transistors working at the fundamental frequency [55]. This technique suf-

fers from a trade-off between quadrature accuracy and phase noise due to the effects

of the coupling circuit on the oscillation frequency. To avoid this problem, a quadra-

ture oscillator can be realized using superharmonic coupling. As illustrated in Figure

2.18a, by employing differential coupling at the common-mode nodes where the sec-

ond harmonic is predominant, quadrature signals are generated at the fundamental

frequency. To implement the coupling of the second harmonic with a 180◦ phase shift,

an inverting on-chip transformer has been used [56–58] (Figure 2.18b).
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Figure 2.18: Quadrature oscillator superharmonic coupling techniques.
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In [57], passive superharmonic coupling was used with an on-chip transformer in

0.35 µm technology to enforce a quadrature relationship between two cross-coupled

oscillators (similar to Figure 2.17). This VCO was tunable from 4.57 GHz to 5.21 GHz

and achieved a phase noise of −138 dBc/Hz at a 1 MHz offset. The output signal

power was −9 dBm, the DC power consumption of the oscillator core was 5.1 mW,

and the dimensions of the chip were 1250 µm × 1250 µm. The disadvantage of

the passive superharmonic coupling technique in general is that on-chip transformers

consume a significant area on-chip and have a limited Q-factor, particularly in CMOS

technology.

A method of replacing the inverting transformer with a cross-coupled differential

pair was proposed in [59] (Figure 2.18c), which can significantly reduce the required

chip area. In [59], a quadrature voltage controlled oscillator was designed at 6 GHz

in SiGe technology using the coupling circuit shown in 2.18c along with two of the

oscillator circuits shown in Figure 2.16. The measured output power was −5.3 dBm

and a 24% tuning range was obtained. The phase noise at a 1 MHz offset was

measured to be −105.8 dBc/Hz.

2.5 Frequency Multiplier Circuit Review

Frequency multiplier circuits are used in a wide range of applications in communi-

cation systems. They are fundamental components that are often used to generate

a high-quality reference signal, as well as in frequency synthesizers. Using frequency

multiplication, oscillators can be designed at lower frequencies and then converted

to higher ones, which can simplify the design of the oscillator, possibly improve the

phase noise of the resulting signal, and reduce power consumption. The phase noise
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of a signal going through a frequency multiplier is degraded by 20log(n), where n is

the order of multiplication. However, the resulting phase noise is often an improve-

ment over the performance of an oscillator that is designed to operate directly at the

higher frequency. Furthermore, it is also possible that the incorporation of frequency

multipliers can reduce the number of voltage controlled oscillators (VCOs) required in

multi-band transceivers. Frequency doublers are most often used because they gener-

ally offer greater conversion gain (or lower conversion loss) compared to higher-order

multipliers. This section will present a literature review of several common frequency

multiplier circuits.

2.5.1 Common Frequency Multiplier Topologies

2.5.1.1 Single-FET Frequency Multipliers

Many CMOS frequency multiplier circuits have been demonstrated using various

methods. A common technique is to use the nonlinearities of a transistor with a large

input signal such as in [60]. A simplified schematic of this type of frequency multiplier

circuit is shown in Figure 2.19 as a frequency doubler. With this method, the out-

put has many harmonic spectral components that are generated from the non-linear

I–V characteristic of the FET, among which is the desired output frequency signal.

As shown in Figure 2.19, input matching at the fundamental frequency is generally

used, along with filtering and matching for the desired frequency component at the

output. In [60], the basic circuit shown in Figure 2.19 was used to realize a frequency

doubler using CMOS 90 nm silicon-on-insulator (SOI) technology. Lumped induc-

tors and capacitors were used for input matching and for output matching/filtering.

The DC voltages were applied through the matching/filtering circuits, which elim-
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Figure 2.19: Simplified frequency doubler using FET non-linearities.

inated the need for RF chokes. This circuit operated with input signal frequencies

between 13.25 GHz and 14.25 GHz to produce an output signal between 26.5 GHz

and 28.5 GHz. A maximum conversion gain of 1.5 dB was measured and the input

return losses for both ports were approximately 10 dB. The suppression of the fun-

damental was less than 10 dB at the output, and only 5 dB at the input power level

where the conversion gain of 1.5 dB was obtained. The circuit is very compact at

0.37 mm × 0.27 mm and the DC power consumption was 10 mW.

2.5.1.2 Common-Mode Node Frequency Multipliers

Another frequency multiplier technique is to use the common-mode output nodes of

an oscillator. Shown in Figure 2.20 is a simplified circuit demonstrating an injected

fundamental signal, fin, which forces the cross-coupled oscillator to lock to this fre-

quency. The doubled frequency, 2fin can then be obtained at the common-mode

node as shown in the figure. This technique was used in [61] where a regenerative
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Figure 2.20: Simplified circuit of an injection-locked frequency doubler.

frequency doubler was designed using a two-stage cross-coupled ring topology in a

standard CMOS 0.35 µm process. In this work, quadrature clock phases were used as

input and a differential output was taken at two common-mode nodes. The maximum

operating frequency for this design was 4.0 GHz with a bandwidth of 2.4 GHz. The

conversion loss was measured to be 2 dB to 4 dB and the phase noise degradation was

close to 6 dB (the theoretical minimum for a frequency doubler is 20log(2) = 6.02 dB).

The core area of the doubler circuit is extremely small in this work (79 µm × 74 µm)

since no passive components were required (although they likely would be required

for biasing and an output buffer, which significantly increases the chip size). The

power consumption for this circuit was low at 3.7 mW.
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2.5.1.3 Push-Push Frequency Multipliers

Push-push circuits have also been used for frequency doubling. For example, in [62]

a low-power fully differential frequency doubler is presented (shown in Figure 2.21).

Essentially, this technique uses switches to connect the output to the 0◦ input signal in

one half of the input signal period, and the 180◦ input signal during the other half of

the input signal period. The resulting waveform at the output resembles an absolute

value waveform, which clearly contains a strong second harmonic component. In [62],

CMOS 0.25 µm technology was used with a 450 MHz input signal (900 MHz output).

The measured conversion loss was 4 dB and the circuit showed strong suppression

of the fundamental (over 50 dB in simulations). Given this circuit’s complementary

structure, it consumes very little DC power. The exact amount of DC power consumed

Figure 2.21: Push-push frequency doubler circuit.
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by this doubler was not reported (the doubler was combined with a mixer and only

the overall DC power consumption was given).

2.5.1.4 Odd-Order Frequency Multipliers

In order to realize odd-order frequency multipliers, such as a frequency tripler, custom-

built devices such as heterostructure and quantum barrier varactor diodes [63–65]

with strongly non-linear I–V curves are regularly used. To circumvent the use of

non-standard semiconductor devices, triplers can be realized by overdriving a transis-

tor with the sinusoidal input signal to generate a clipped waveform rich in odd-order

harmonics [66–70]. This method, however, usually requires strong filtering at the out-

put to remove the fundamental and other unwanted frequencies. Often, the filtering

has to be accomplished off-chip to improve signal rejection. Balanced frequency tripler

circuits based on extracting the third harmonic generated by FET non-linearities are

presented in [71, 72] with on-chip filtering and cancellation of unwanted harmonics,

but the required chip area can be very large (e.g. 5.0 mm2 in [71] and 2.32 mm2 in

[72]).

Injection-locking can also be used to implement a frequency tripler [73, 74], al-

though, the resonator used in the oscillator can consume large chip area and can limit

the bandwidth of the circuit. Recent advances in integrated circuit tripler design [75]

have used waveform shaping techniques in order to generate the triple frequency and

to relax the output filter requirements. In [75], rather than clip a sinusoidal signal

and then extract the third-harmonic, “deep-cuts” were made at the peaks of the

sinusoidal input, which results in an enhanced third-harmonic output. In order to

generate these cuts in the waveform, an inverter was used along with a non-linear
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combiner circuit. Since this technique generates a strong third harmonic and natu-

rally suppresses the fundamental, a simple low-Q high-pass filter can be used on-chip

to further attenuate the fundamental to a level that would be acceptable for most ap-

plications. CMOS 0.18 µm technology was used in [75] and the circuit was designed

for an input frequency range from 1.7 GHz to 2.25 GHz (output frequencies from

5.1 GHz to 6.75 GHz). The minimum measured conversion loss using this technique

was 5.6 dB and the fundamental suppression at the output was more than 11 dB. The

circuit was very compact at 420 µm × 320 µm including pads, and the DC power

consumption was 27 mW.

2.5.1.5 Digital Frequency Multipliers

There are many digital frequency multiplier techniques that have been demonstrated.

For example, an all-digital clock multiplier is proposed in [76] for low-frequency clock

references that can achieve 2×, 3×, or 4× frequency multiplications. In general,

digital frequency multiplier techniques have lower operational frequency limits than

their analog counterparts and often have higher power consumptions. Given the

microwave focus of this thesis, digital frequency multiplier techniques will not be

discussed in detail.

2.6 Frequency Divider Circuit Review

Frequency dividers can be used in many applications, but are most often used in

the feedback path of phase-locked loops (PLLs) in order to achieve frequency mul-

tiplication. In the vast majority of frequency dividers presented in the literature an

even-order division ratio is used. In fact, most frequency dividers divide the frequency
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of an input signal by a factor of two or four and there are very few odd-order fre-

quency dividers that have been demonstrated. In this section a literature review will

be presented of common circuit techniques that can be used to realize a frequency

divider.

2.6.1 Common Frequency Divider Topologies

2.6.1.1 Digital Frequency Dividers

Many frequency dividers used in PLLs and in other applications use digital flip-flop

based dividers. These digital frequency dividers have several advantages, such as

wide-band operation and the potential for high division ratios (e.g. [77]). However,

digital dividers often have very large power consumptions and in fact can consume

a very large percentage of the overall DC power used by frequency synthesizers used

in modern wireless systems [78]. Furthermore, the maximum operational frequency

of digital frequency dividers is generally lower than in narrow-band analog frequency

dividers. Given the narrow-band nature of most wireless signals it is possible to use

analog techniques to achieve higher operational frequencies and also reduced power

consumption. Given these advantages of analog dividers, as well as this thesis’ focus

on analog circuits, digital frequency divider techniques will not be discussed in detail.

2.6.1.2 Regenerative Frequency Dividers

A well-known analog frequency divider topology is the regenerative topology, shown

in Figure 2.22 and first introduced by Miller in 1939 [79]. As shown in the figure, in

its simplest form the regenerative divider consists of a mixer and a low-pass filter. If

the input signal to this circuit has a frequency fin then there are two steady-state
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Figure 2.22: Simplified circuit of a regenerative frequency divider.

outputs of the mixer, 1
2
fin and 3

2
fin. The low-pass filter attenuates the 3

2
fin signal,

thus leaving the 1
2
fin for the output and for feedback. In practical implementations

of the regenerative frequency divider technique an amplifier may also be required

after the filter in order to achieve the required gain around the feedback loop that

will enable the circuit to operate. Practical implementations of this technique are

presented in [80] and [81]. In [80], a 40 GHz frequency divider was designed in CMOS

0.18 µm technology that consisted of two Miller divider stages that divided the input

40 GHz signal to 10 GHz at the output. The mixers used in this work were modified

Gilbert-cells that used inductive loads to achieve higher frequency operation as well

as the filtering required for the regenerative topology. This circuit obtained an input

bandwidth of approximately 2.5 GHz and required a minimum input power of 3 dBm

to operate. The conversion loss for this circuit was quite high at around 19 dB and

the power consumption was 77.5 mW.

The regenerative frequency dividers demonstrated in [81] used GaAs technology

to realize both a 28 GHz and a 14 GHz version of their frequency divider design. In

this work, a single-FET mixer was used along with a tuned amplifier and coupler for
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the feedback path consisting of lumped inductors and capacitors. Conversion gain

was obtained for both the 28 GHz and 14 GHz versions of this frequency divider

design with DC power consumptions of approximately 100 mW. Both versions also

reject the fundamental signal by at least 15 dB and have bandwidths of 11% and

5.7% for the 14 GHz and 28 GHz versions, respectively.

2.6.1.3 Injection-Locked Frequency Dividers

As discussed in the previous sections, it is possible to lock an oscillator to an injected

signal. In the frequency multiplier implementation described previously, an input

signal was injected to lock the fundamental oscillation frequency with the external

signal’s frequency and then the doubled frequency component was taken as the output

at a common-mode node (see Figure 2.20). A similar technique can be used to realize

a frequency divider [82–85]. For example, a simplified cross-coupled injection-locked

frequency divider is shown in Figure 2.23. In this circuit, the input signal is injected

to a common-mode node, which locks the frequency of the oscillator second harmonic

to this external signal frequency. The result of this configuration is an output signal

frequency that has been divided by a factor of two relative to the injected signal.

An injection-locked frequency divider very similar to the circuit shown in Figure

2.23 is presented in [82] using CMOS technology and a division ratio of two. In

this work, an input signal at around 3 GHz was injected to the gate of the bottom

transistor shown in Figure 2.23, which locked the fundamental oscillator output to half

the frequency of the input signal. With no input signal, the free-running oscillation

frequency was 1.6 GHz, and with an input signal a locking range of 370 MHz was

measured with a DC power consumption of only 1.2 mW.
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Figure 2.23: Simplified circuit of an injection-locked frequency divider.

Another harmonic injection-locked frequency divider was demonstrated in [83]

using 0.18 µm SiGe BiCMOS technology at 60 GHz (bipolar transistors were used

in this work exclusively). This circuit divided the input signal frequency by a factor

of four by mixing it with the third-harmonic of the output signal (generated by an

inverter). This frequency divider operated with input frequencies from 59.77 GHz

to 60.12 GHz, which is a locking bandwidth of 350 MHz. The circuit required an

input power of at least 0 dBm and had an output power of −16.6 ± 0.5 dBm over

the locking range. The power consumption of this circuit was 50.4 mW and the chip

dimensions were 0.8 mm × 0.7 mm.

One of the relatively few odd-order frequency dividers is presented in [84]. This

injection-locked divide-by-three circuit uses a modified version of the circuit shown

in Figure 2.23. Specifically, a differential input was applied to the gates of two
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transistors, as opposed to the single-ended input applied to the gate of the single

transistor at the bottom of Figure 2.23 and the sources of the cross-coupled transistors

are no longer connected. This circuit was implemented in CMOS 0.18 µm technology

at an input frequency of 18 GHz. As with most injection-locked frequency dividers,

the locking range increases as the input power increases. In this circuit, the locking

range was 300 MHz for an input power of −14 dBm and 1 GHz for an input power of

0 dBm. The suppression of the undesired harmonics at the output were −23 dB for

the second harmonic and −21 dB for the third harmonic relative to the fundamental

output power level. The power consumption for the core of this divider circuit was

4.6 mW (45 mW including buffers) and the chip dimensions were 0.9 mm × 0.9 mm.
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A 2x Subharmonic Mixer in CMOS

3.1 Introduction

In this chapter, the design and measurement of a CMOS 2× subharmonic mixer that

uses active baluns at the input and at the output is presented. This circuit, which

was published in [8], could be used in either a superheterodyne system to reduce the

required LO frequency by half, or in a direct-conversion receiver in order to reduce

LO self-mixing. As discussed in Chapter 2, the vast majority of subharmonic mixers

are realized with diodes, and as such cannot achieve a conversion gain. The goal

of this work was to realize a subharmonic mixer in a standard CMOS technology

that can achieve a conversion gain and is compatible with a system that uses single-

ended signals. This work is one of the first subharmonic mixers demonstrated with

measurement results in a standard CMOS fabrication technology, and is the first using

the proposed topology. This circuit provides the foundation for a more advanced

higher-order and higher-frequency SHM explored in Chapter 4.

57
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3.2 Concept of the 2x Subharmonic Mixer

In order to realize an active subharmonic mixer, modifications to the Gilbert-cell have

been shown in [36] and [86] to use four LO signals with relative phase shifts of 0◦,

90◦, 180◦, and 270◦ to effectively provide switching at twice the rate of the traditional

Gilbert-cell. A block diagram of the subharmonic mixer using this technique is shown

in Figure 3.1 with differential RF inputs and differential IF outputs. Often, the use of

single-ended, or unbalanced, signals is necessary, in particular when interfacing with

off-chip components in multi-chip modules. Since the Gilbert-cell relies on differential

signals, baluns must be used to perform this conversion if single-ended signals are

used. Active baluns have several advantages over passive baluns. For example, active

baluns generally consume significantly less area than passive baluns and can also

potentially achieve gain. In fact, passive baluns are often implemented off chip, thus

potentially increasing noise and cost, as well as eliminating the possibility of realizing

a system-on-a-chip. CMOS subharmonic mixers are presented in [87–89], however,

Figure 3.1: Block diagram of a 2× subharmonic mixer used as a down-converter.
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only simulation results are shown, and conversion between balanced and unbalanced

signals is not discussed.

3.3 Circuit Design

3.3.1 Subharmonic Mixer Core

The core of the subharmonic mixer is shown in Figure 3.2, which is based on the

Gilbert-cell topology. Gilbert-cell mixers, in general, have high isolation between

ports due to their double-balanced structure. Corresponding to the block diagram in

Figure 3.1, the circuit requires RF inputs with relative phase shifts of 0◦, and 180◦,

and LO inputs of 0◦, 90◦, 180◦, and 270◦. With this topology, first proposed in [36],

the currents i1 and i2 are effectively switched at twice the LO frequency, which is the

mechanism that results in subharmonic mixing.

For insight into how the LO frequency is doubled, consider the circuit in Figure

3.3. Since the LO input is generally a large signal, the MOSFETs will turn on and

off corresponding to the amplitude of the voltages at their gates. As the 0◦ LO

signal rises well above the threshold value, transistor M5 turns fully on, causing i1

to increase and flow predominately through M5, since the gate voltage at M6 is 180◦

out of phase and therefore near its minimum. When the amplitude of the 0◦ LO

signal begins to drop and the 180◦ LO amplitude begins to rise, neither transistor is

fully on and, as a result, the current i1 decreases. As the 180◦ LO signal nears its

maximum and the 0◦ LO nears its minimum, M6 is turned fully on and M5 is turned

off, meaning that the current i1 increases and flows through M6. By the end of the

cycle, neither the 0◦ nor the 180◦ LO signals are at a maximum and the current i1
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Figure 3.2: Proposed CMOS 2× subharmonic mixer core.

Figure 3.3: LO frequency doubling in the 2× subharmonic mixer.
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decreases again. Therefore, during one period of the LO signal, i1 has two cycles of

increasing and decreasing current, thus indicating a doubling of the LO frequency.

The same operation occurs for the other LO transistor pair (90◦ and 270◦) and the

resulting current, i2, is 180◦ out of phase with i1. Therefore, mixing will occur at

the RF frequency and twice the input LO frequency. A larger LO input power will

be required to achieve the same conversion gain as a fundamental Gilbert-cell mixer,

but this circuit has the significant advantage of using half the LO frequency as well

as reducing LO self-mixing in direct-conversion receivers (as discussed in Chapter 2).

The LO inputs to the subharmonic mixer are given by:

vLO0 = ALOcos(ωLOt)

vLO90 = ALOcos(ωLOt− π/2)

vLO180 = ALOcos(ωLOt− π)

vLO270 = ALOcos(ωLOt− 3π/2)

and the RF inputs to the mixer core are differential,

vRF0 = ARF cos(ωRF t) vRF180 = ARF cos(ωRF t− π).

Since this is a 2× SHM, the up- and down-converted components of the mixer output

will be at fRF + 2fLO and fRF − 2fLO, respectively.

To gain deeper insight into the operation of the SHM, an analytic expression for

the conversion gain of the mixer can be derived. Here, the long-channel transistor

models are used for simplicity in order to obtain useful closed-form equations. In the

half-SHM circuit shown in Figure 3.4, the LO switching pair transistors M5–M6 are

modeled as one transistor, M56. Assuming that the fundamental currents generated

by the differential gate voltage signals on M5 and M6 perfectly cancel each other,
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the non-linear component at twice the input frequency is the only signal current that

remains. Therefore, M5 and M6 are modeled as one transistor with an applied gate

voltage signal at a frequency of 2ωLO. Transistors M7 and M8 in Figure 3.2 can also

be replaced by a single equivalent transistor M78.

The long-channel drain current approximation for a MOSFET in saturation is

given by:

iD =
1

2
µnCox

W

L
(vGS − Vt)

2, (3.1)

where µn is the electron mobility, Cox is the gate capacitance, vGS is the gate-source

Figure 3.4: Modeling of the LO switching transistors as one FET with input vLOEQ0.
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voltage, and Vt is the threshold voltage. If the currents through M5 and M6 are ia

and ib, respectively, the total current from the switching pair with a differential input

is

i1 = ia + ib = µnCox
W1

L
(VGS(LO) − Vt)

2 +
1

2
µnCox

W1

L
(v2

LO0 + v2
LO180), (3.2)

where VGS(LO) is the DC voltage between the gates and sources of the LO transistors

(M5–M8). Since v2
LO0 = v2

LO180 for a sinusoidal LO signal,

i1 = µnCox
W1

L
(VGS(LO) − Vt)

2 + µnCox
W1

L
v2

LO0. (3.3)

This current can then be set equal to the current generated by the M56 model tran-

sistor (ignoring the nonlinear component),

i1 =
1

2
µnCox

W2

L
(VGS(LO) − Vt)

2 + µnCox
W2

L
(VGS(LO) − Vt)vLOEQ0. (3.4)

Clearly, in order to have equal DC currents, the width of transistor M56 must be

twice that of M5 and M6, W2 = 2W1. The equivalent applied gate signal voltages to

the LO switching pair model transistors, M56 and M78, are:

vLOEQ0 =
A2

LO

2(VGS(LO) − Vt)
cos2(ωLOt) ≈

A2
LO

4(VGS(LO) − Vt)
cos(2ωLOt), (3.5)

vLOEQ180 =
A2

LO

2(VGS(LO) − Vt)
cos2(ωLOt+ π) ≈ A2

LO

4(VGS(LO) − Vt)
cos(2ωLOt+ π), (3.6)

The approximation made in the equations (3.5) and (3.6) was to ignore the DC

component of the cos2 term, the effect of which will be discussed below. With this

simplification the circuit can be analyzed as a standard Gilbert-cell topology, with the

addition of the injection resistors. The output voltage of the mixer, vOUT = v0− v180,

as defined in Figure 3.2, is given by:

vOUT =
−RdvidRF

VGS(RF ) − Vt

(i1 − i2) =
−RdI

(VGS(RF ) − Vt)(VGS(LO) − Vt)
vidRFvidLOEQ (3.7)
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where vidRF = vRF0 − vRF180, vidLOEQ = vLOEQ0 − vLOEQ180, and VGS(RF ) is the DC

voltage between the gates and sources of the RF transistors (M1–M4).

The conversion gain formula for this subharmonic mixer for the up- and down-

converted components (fRF + 2fLO and fRF − 2fLO) is given by:

CGdB = 20log

(
RdIA

2
LO

4(VGS(RF ) − Vt)(VGS(LO) − Vt)2

)
, (3.8)

where I is the bias current set by the gate voltage of transistor M9, ALO is the

amplitude of the quadrature signal at the gates of the LO transistors M5–M8, and all

transistors are operating in the saturation region. The values for VGS(RF ) and VGS(LO)

can be found from a straight-forward DC circuit analysis. From this equation it is

clear that the conversion gain will increase with increasing bias current, I.

The formula for the conversion gain in (3.8) does not include the effects of any

parasitics, and thus will over-estimate the actual conversion gain. However, the sim-

plification in Equations (3.5) and (3.6) where the DC component of the cos2 term

was not included mitigates the over-estimation in (3.8) somewhat since there is an

additional DC component in the currents that are generated by M5–M8 (or M56

and M78). The SHM was independently simulated and compared to the conversion

gain given by (3.8) using a CMOS 0.18 µm process. Shown in Figure 3.5 are the ana-

lytic (using Equation (3.8)) and the simulated conversion gains at various LO voltage

amplitudes, ALO, for an input RF frequency of 2.1 GHz and input LO frequency of

1.0 GHz, which produces down-converted and up-converted components at 100 MHz

and 4.1 GHz, respectively. The calculated and simulated values are within 3 dB of

each other up to LO voltage amplitudes of 0.1 V. At higher amplitudes, the tran-

sistors become saturated, which explains the increasing difference between the two.

In this work, the operational range for the subharmonic mixer has ALO < 0.15 V,
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Figure 3.5: Calculated and simulated conversion gain of the subharmonic mixer at
various LO voltage amplitudes, ALO.

so the equation given in (3.8) can provide a useful first-order approximation for the

conversion gain of the subharmonic mixer.

To improve the linearity of the mixer, source degeneration was used for transistors

M1–M4. This technique can improve the 1-dB compression point of the circuit, but

has the penalty of reducing the conversion gain. Resistive degeneration was used in

this work rather than inductive because it requires significantly less chip area and

because it does not have a frequency dependence. As a result, a more compact

layout of the circuit can be obtained compared to implementations with inductive

degeneration. However, with resistive degeneration the noise figure of the mixer will

be increased somewhat.
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3.3.2 RF and LO Input Baluns

In some cases it is necessary to convert an unbalanced (single-ended) signal to a

balanced (differential) signal and vice-versa. In this work, RF and LO active baluns

were included on-chip to ease the test and measurement of the subharmonic mixer.

As mentioned previously, passive on-chip baluns for RF and microwave frequencies

can consume a large area specifically at lower frequencies and are often realized off-

chip, which adds to assembly costs and may degrade the conversion gain/loss. It is

possible to use transmission line baluns on-chip, but since their size is proportional

to wavelength they are not economically feasible except possibly at millimeter-wave

frequencies. Several techniques exist to perform the balun operation using active

components. The simplest active balun is a FET with resistors in the drain and

the source as shown in Figure 3.6 [90]. By properly choosing the value of these

resistors, the amplitude of the two outputs can be made equal. Specifically, there

Figure 3.6: Single FET balun circuit.
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is approximately unity gain at vO1 (i.e. vO1/vIN ≈ 1) since it is a follower circuit.

Therefore, to have equivalent output amplitude at vO2, a design equation can be easily

obtained for the resistors R1 and R2 to a first-order approximation with:

vO2

vIN

=
−R1

R2 + 1/gm

= −1 (3.9)

and

R1 = R2 +
1

gm

(3.10)

The negative sign in (3.9) indicates that the output at the drain has (ideally) a

180◦ phase-shift relative to the input, whereas vO1 has the same phase as the input.

Of course, this basic structure has limitations at high frequencies due to the para-

sitic elements associated with the transistor. In particular, the gate-drain parasitic

capacitance, Cgd, seriously degrades the performance at high frequencies since the in-

put signal can feed through this capacitance directly to the output. Two techniques

that have improved performance are the differential pair and the cascaded common-

gate/common-source (CG-CS) [91], shown in Figure 3.7 and 3.8, respectively.

The differential pair circuit ultimately has a similar frequency limitation as the

circuit in Figure 3.6 by considering the parasitics in the half-equivalent circuit. Several

other active balun circuits have been proposed (e.g. [92, 93]), however the CG-

CS pair of Figure 3.8 was chosen in this work, which has an advantage over the

differential pair in that active input matching is possible, although its performance

is more sensitive to process variations. It is desirable to have a low input reflection

coefficient so that the input power will be absorbed by the circuit, and not reflected.
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Figure 3.7: Differential pair balun circuit.

Figure 3.8: Common-gate, common-source balun circuit.
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Since the input impedance to the gate of a FET is typically very high due to its large

capacitive component, the input reflection coefficient to a common source device, or

a differential pair, is generally poor. In contrast, the input impedance to a common-

gate device is approximately 1/gm. Therefore, an appropriate selection of device size

and biasing can yield a 50 Ω input impedance, as desired. Since the input impedance

of the common-gate device is in parallel with the very high input impedance of the

common-source transistor, the resulting input impedance is approximately that of the

common-gate transistor. This is a significant advantage over other topologies that

do not have an acceptable input reflection coefficient. In these instances, a matching

network must be implemented using passive devices such as transmission lines, or

inductors and capacitors. In this case, the area needed will be much larger and the

input matching response will generally not be as broadband as with a common-gate

device, although the reflection coefficient could possibly be lower. The resistor, Rb, is

large enough that it has a very small impact on the input reflection coefficient. The

gate of transistor M1 is biased at Vdd (1.8 V) and the gate of M2 is biased at voltage

set by the drop across Rb (which is determined by the current through M1 ).

The balun used for the input RF port was simulated independently in the Spectre

simulator using a Cadence extracted layout that included parasitic capacitances and

source-follower buffers at the outputs. The amplitude and phase balance are shown

in Figure 3.9. The difference in amplitude of the two outputs less than 0.1 dB over

the range from 1.0 GHz to 3.0 GHz and the phase difference is less than about 3◦.

For this circuit to operate as a subharmonic mixer there must be four LO signals

with relative phase shifts of 0◦, 90◦, 180◦, and 270◦. The LO input active balun

generates the 0◦ and 180◦ signals, therefore an additional technique must by used to
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Figure 3.9: Simulated amplitude and phase balance of the 2× SHM’s active balun.

generate the quadrature signals. A straight-forward technique to create the 90◦ phase

shifts is with resistor-capacitor polyphase filters. RC–CR quadrature generators are

a narrow-band solution with an accuracy that is dependent on the process tolerances.

The networks were designed to create a phase shift of 45◦ at 1.0 GHz by using a

resistance value of Rp = 320 Ω and a capacitor, Cp = 0.5 pF. The complete LO input

circuit with balun and phase shifters is shown in Figure 3.10 with relative phase shifts

indicated at the output for clarity. Using a reference 0◦ phase of an LO input signal,

the phase shift at the outputs in Figure 3.10 would be −45◦, 45◦, 135◦, 225◦ from top

output to bottom relative to the input phase.
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Figure 3.10: LO input balun and phase shifters for the 2× SHM.

3.3.3 Output Balun

At the output of the subharmonic mixer the signal is differential. To convert to a

single-ended signal at this point is very convenient using an active balun since in

this case the frequency of the signal is relatively low at 100 MHz. In fact, given the

low-frequency of the signal, an active balun is even more attractive than a passive

balun due to the much smaller size of the circuit. A differential-pair with a single-

ended output connected to a source follower accomplishes the desired goal. This

output balun circuit with buffer is shown in Figure 3.11. The differential pair was

designed so it would perform as a balun with unity gain. Therefore, the single-

ended output voltage signal from the differential pair has the same amplitude as

the balanced voltage signal at the output of the mixer. Of course, high harmonic
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frequency components will be attenuated somewhat through the balun due to the

reduced performance of the differential pair at high-frequencies, thus providing a

minor amount of filtering.

Figure 3.11: Output balun and buffer for the 2× SHM.

3.3.4 Complete Circuit

The layout for the complete circuit required an area of approximately 600 µm ×

700 µm (0.42 mm2) including bonding pads and approximately 400 µm × 500 µm

(0.2 mm2) for the circuit excluding bonding pads. The layout is relatively compact,

which can be attributed to the fact that there are no inductors in the design. Com-

monly, inductors are required as part of an input matching network to improve input

reflection coefficient. In this case, since the active baluns were designed to have good

input matching, inductors, or an off-chip matching network can be avoided. As men-

tioned above, degeneration resistors were used rather than inductors to improve the
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linearity, but require significantly less space on the integrated circuit. A photograph

of the fabricated chip is shown in Figure 3.12.

Figure 3.12: Photograph of fabricated CMOS 2× subharmonic mixer.

3.4 Measurement Results

To measure the subharmonic mixer, coplanar waveguide probes were used to contact

the on-chip pads and a Rohde and Schwarz FS300 spectrum analyzer was used to

measure the power spectrum of the output signal. The spectrum analyzer was set to

a frequency span of 50 MHz to 150 MHz with a resolution bandwidth (RBW) and

a video bandwidth (VBW) both equal to 1 MHz, and continuous sweeping with a

sweep time of 25 ms. Averaging was not used for any measurements and no internal
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attenuation was used in the spectrum analyzer. The power supply voltage for the

circuit, Vdd, was set to 1.8 V. To measure the conversion gain of the mixer, the LO

was set to a frequency of 1.0 GHz and a power of −10 dBm. A 2.1 GHz RF input

was used and its power was swept from approximately −30 dBm to −5 dBm. The

output power at 100 MHz (2.1 GHz – 2 × 1.0 GHz) was observed and the measured

and simulated results are shown in Figure 3.13. From this figure, the conversion gain

is approximately 8 dB and the 1-dB compression point occurs at an input RF power

of approximately −14 dBm. The measurements match the simulation results closely,

although the mixer saturates at a lower input power than predicted by simulations.

To find the optimal LO power that provides the maximum conversion gain, the

RF input power was held constant while the LO power was swept from −20 dBm to

0 dBm. Figure 3.14 shows that the gain increases relatively linearly with increasing

LO power until around −10 dBm at which point the conversion gain is approximately

8 dB. By viewing the spectrum data on the spectrum analyzer over a span of 10 MHz

to 3 GHz it was found that an LO power of −10 dBm provides the maximum con-

version gain while suppressing all undesired harmonics by at least 25 dB.

A full two-port calibration was performed using a calibration substrate (SUSS

MicroTec CSR-3 GSG100-250) and an Agilent 8510C Network Analyzer with a 50-

GHz Agilent 8517B S-parameter Test Set was used to measure the input reflection

coefficients of both the RF and the LO ports. For both calibration and measurements,

a frequency range from 500 MHz to 3 GHz was used with the power of the network

analyzer set to −30 dBm to ensure that the mixer is not saturated. The network

analyzer was set for 0 dB attenuation for the ports and no averaging or smoothing

for the resulting data.
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Figure 3.13: Measured and simulated 1-dB compression point.
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Figure 3.14: Measured and simulated conversion gain at various LO power levels.
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The S11 for the RF input is shown in Figure 3.15. It is clear that the active input

balun provides good matching with an input reflection coefficient less than −10 dB

at 2.1 GHz. Similarly, the LO input reflection coefficient, shown in Figure 3.16, is

approximately −11 dB at the LO frequency of 1.0 GHz. The slight difference between

the RF and the LO input matching is due to minor differences in the active balun

circuits that allows a lower input reflection coefficient at the operational frequency of

the LO at the expense of higher power consumption. The third-order intercept point

(IP3) was measured by using a two-tone RF input signal with frequencies of 2.1 GHz

and 2.11 GHz. This produced third-order intermodulation products at 90 MHz and

120 MHz. The results shown in Figure 3.17 indicate an IIP3 of −8.5 dBm and an

OIP3 of −0.5 dBm. The IP2 was simulated using the same two-tone RF input signals

at the IP3 measurement (2.1 GHz and 2.11 GHz), which produces an IM2 component

at 10 MHz. Simulations show an IIP2 of 14 dBm including the output balun circuit,

and an IIP2 of over 30 dBm using an ideal output balun (i.e. the IIP2 of the mixer

alone is over 30 dBm).

The port-to-port isolation was simulated using ADS in order to determine the

isolation between the mixer ports without the effects of the input or output baluns.

The results, tabulated in 3.1, show very high-levels of isolation such as 68 dB for

the 2LO–RF feedthrough. Clearly, this will be very beneficial in direct-conversion

applications since the high 2LO–RF isolation will result in low LO self-mixing.

The noise figure of the mixer was measured using an Agilent 346C noise source

along with the Noise Figure Measurement Personality of the Agilent E4446A PSA

Series spectrum analyzer. A calibration was first performed, and the resolution band-

width was set to 1 MHz. The measured double sideband (DSB) noise figure is 20 dB.
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Figure 3.15: Measured RF input reflection coefficient for the 2× SHM.
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Ports Isolation

RF–LO 62 dB

LO–RF 58 dB

2LO–RF 68 dB

RF–IF 35 dB

LO–IF 37 dB

2LO–IF 49 dB

Table 3.1: 2× subharmonic mixer port-to-port isolation simulations.
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Technology fRF /fLO Gain P-1dB IIP3 DC Power Ref.
(GHz) (dB) (dBm) (dBm) (mW)

BiCMOS 1.9/0.9 7.5 −8 −3 24 [36]
0.35 µm

SiGe BiCMOS 5.6/2.8 8.0 −13.5 0 4.67 [87]*
0.18 µm
CMOS 5.6/2.8 8.0 −12 −6.5 5.25 [89]*

0.25 µm
CMOS 2.1/1.0 8.0 −14 −8.5 364 This Work

0.18 µm [8]

* Simulation results only
4 Includes balun circuits

Table 3.2: 2× subharmonic mixer circuit performance comparison.

The noise figure could be reduced by modifying the input baluns to eliminate the bias

resistor Rb, or by using another balun topology. The power consumption for the cir-

cuit, including input and output baluns, the mixer core, as well as the output buffer,

is 36 mW (the power consumption of the mixer core alone is approximately 1 mW).

A comparison of this work with other subharmonic mixers of this type ([36, 87, 89]),

is presented in Table 3.2. Note that in these references that they do not use on-chip

baluns, and in the case of [87] and [89] only simulation results are shown.

3.5 Summary

In this chapter, a CMOS 0.18 µm 2× subharmonic mixer was demonstrated that uses

active input and output baluns to generate differential signals from single-ended, and

vice-versa. This configuration could be used as part of a direct-conversion receiver

where single-ended inputs and outputs are required or in a superheterodyne receiver
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where a lower LO frequency is desired. By using a 2× subharmonic mixer, the

LO frequency is designed to have half the frequency that would be required with a

fundamental mixer. Consequently, the design of the LO can possibly be simplified

and improved performance can result due to the reduced oscillation frequency. The

RF input frequency was 2.1 GHz and the LO frequency was 1.0 GHz, which results

in an output IF of 100 MHz. Active baluns at the RF and LO input ports were

designed to have active input matching and the measured results show input reflection

coefficients of less than −10 dB at the LO and RF operational frequencies. The 1-

dB compression point was found to occur at −14 dBm RF input power and the

conversion gain was approximately 8 dB. If a quadrature oscillator is used for the

LO, such as the one described in Chapter 5 of this dissertation, it could eliminate

the need for the passive RC–CR phase-shifters and the LO balun, and potentially

improve performance through increased phase accuracy.



Chapter 4

A CMOS Ku-Band 4x

Subharmonic Mixer

4.1 Introduction

In this chapter, a novel 4× subharmonic mixer is presented using CMOS technology

that is a significant extension of the 2× SHM described in the previous chapter [6].

An RF frequency in the Ku-band (12 GHz) was used to demonstrate this circuit,

which is a very commonly used band for satellite communications. To the best of the

author’s knowledge, this is the first 4× subharmonic mixer demonstrated in CMOS

technology. Furthermore, it obtains a conversion gain of 6 dB, which is the highest

conversion gain for any 4× SHM to date.

Although it is possible to realize an LO that operates directly at Ku-band in CMOS

technology, the resulting fundamental mixer would likely have increased self-mixing

and therefore degrade the performance of a direct-conversion receiver compared to

a subharmonic mixer. Similarly, while it would be possible to use a separate LO

81
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frequency multiplier along with a fundamental or a 2× SHM, the resulting power

consumption and required chip area could potentially increase and the port-to-port

isolation could suffer, resulting in an increase in self-mixing. The proposed circuit

could easily be moved to higher frequencies (mm-wave) where subharmonic mixing

may be a necessity, and in this regard it can be viewed as a lower frequency demon-

stration circuit.

4.2 Concept of the 4x Subharmonic Mixer

The core of the 4× SHM is based on the Gilbert-cell topology [17]. As shown in

Figure 4.1, the proposed SHM has the RF and LO ports exchanged compared to a

traditional Gilbert-cell. Furthermore, the two transistors typically at the bottom of

the Gilbert-cell have been replaced by two sets of four transistors that will generate

the fourth harmonic of the LO signal, thus allowing the mixer to operate as a 4×

SHM. The inputs to these transistors are octet-phase LO signals, with 0◦, 90◦, 180◦,

and 270◦ applied to the gates of one set of four FETs and 45◦, 135◦, 225◦, 315◦ applied

to the gates of the other set of FETs. In other 2× SHM circuits (e.g. [8, 32, 36])

a similar topology is used, but with two pairs of LO transistors instead of four, and

they use only quadrature LO signals.
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Figure 4.1: The mixer core of the proposed 4× SHM.
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4.3 Circuit Design

4.3.1 Mixer Core

To examine the operation of the mixer, consider one set of four transistors, as shown

in Figure 4.2a, with LO signals applied to the gates with relative phase shifts of 0◦,

90◦, 180◦, 270◦, as shown in Figure 4.2b. The four quadrature LO signals applied

to the gates generate a 4fLO signal, as opposed to differential gate signals which

only generate a 2fLO signal as in [8, 32, 36]. The quadrature signals applied to the

gates of the other set of four transistors are shifted by 45◦. This topology generates

a 4fLO signal that is 180◦ out of phase with the other 4fLO signal. Therefore, this

mixer topology is double-balanced, which allows this topology to achieve high-levels

of isolation between the ports. If the LO signals have a DC bias at the transistor

threshold voltage, Vt, the signals are given by:

vLO0 = ALOcos(ωLOt) + Vt

vLO90 = ALOcos(ωLOt− π/2) + Vt

vLO180 = ALOcos(ωLOt− π) + Vt

vLO270 = ALOcos(ωLOt− 3π/2) + Vt

where ALO is the amplitude of the LO signal. If it is assumed that the transistors are

completely cutoff when the gate voltage is below the threshold voltage (i.e. ignoring

sub-threshold current), the LO0 and LO180 pair of transistors can be modeled by one

transistor with LO gate voltage of,

v0,180 = |ALOcos(ωLOt)|+ Vt (4.1)

since only one of the two transistors is on during each half-cycle. Clearly, this wave-

form contains the double frequency, or second harmonic. Similarly, the LO90 and
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LO270 transistors can be replaced by one transistor with LO gate voltage of,

v90,270 = |ALOcos(ωLOt− π/2)|+ Vt (4.2)

This model is shown in Figure 4.2c. Using the short-channel model, the currents

generated by the LO voltages are given by:

i0,180 =
WCoxVsat(v0,180 − Vt)

1 + LEsat/(v0,180 − Vt)
(4.3)

i90,270 =
WCoxVsat(v90,270 − Vt)

1 + LEsat/(v90,270 − Vt)
(4.4)

To simplify the analysis and to clearly see the generation of the fourth harmonic,

the approximation can be made that (vgs − Vt)/L is large compared to Esat such

that the denominator 1 + LEsat/(Vgs − Vt) ≈ 1. A numerical analysis shows that

when the amplitude of the gate signal, ALO, is large, the results of the simplified

equations based on this approximation are very close to the results obtained using

(4.3) and (4.4). Since the LO signal amplitude will generally be large, it follows that

this assumption is reasonable for this circuit. The benefit of using the simplified drain

current formula is that more insight can be obtained from the resulting equations.

With this approximation, the drain currents are given by:

i0,180 ≈
1

2
µnCoxWEsat|ALOcos(ωLOt)| (4.5)

i90,270 ≈
1

2
µnCoxWEsat|ALOcos(ωLOt− π/2)| (4.6)

The total current, iT , is simply given by iT = i0,180 + i90,270, therefore,

iT ≈
1

2
µnCoxWEsatALO(|cos(ωLOt)|+ |sin(ωLOt)|) (4.7)
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Since,

|cos(ωt)|+ |sin(ωt)| =
√
|sin(2ωt)|+ 1 (4.8)

the following Taylor series expansion can be applied,

√
x+ 1 =

∞∑
n=0

(−1)n(2n)!

(1− 2n)(n!)24n
xn |x| ≤ 1 (4.9)

Therefore, iT expanded to three terms is given by,

iT ≈
1

2
µnCoxWEsatALO

(
15

16
+

1

2
|sin(2ωLOt)|+

1

16
cos(4ωLOt)

)
. (4.10)

The two terms |sin(2ωLOt)| and cos(4ωLOt) both clearly show the fourth harmonic.

The total output current signal, iT , is dominated by the |sin(2ωLOt)| term since

its frequency component at 4fLO is over three times stronger than the 1
16
cos(4ωLOt)

component. The crucial result is that the frequency of the output current is at

four times the input LO frequency, or, 4fLO, as desired. A similar analysis can be

performed on the other set of four transistors to show the generation of the fourth

harmonic and the anti-phase relationship with (4.10). Since the mixer core maintains

a differential structure, the common-mode rejection will be high and similar to that

of the traditional Gilbert-cell. Of course, a disadvantage to this topology is that a

higher LO input power will be required compared to a fundamental mixer since there

is conversion loss in the 4× LO frequency multiplication circuit.

The purpose of the inductors in the mixer core (Figures 4.1 and 4.2a) are to

increase the LO voltage swing at the source terminal of the RF transistors as discussed

in [26], which ultimately provides higher conversion gain for the mixer at lower LO

powers than would be required without the enhancement inductors. The voltage at

node vx shown in Figure 4.2a is given by,
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vx = vd + (Rind + jωLOL)iT (4.11)

where vd is the common drain node of the LO transistors as shown in Figure 4.2a, and

Rind and L are the series resistance and the inductance of the on-chip spiral inductor,

respectively. Since the desired LO frequency is four times the LO input frequency,

this inductor provides a large impedance, which increases the voltage swing at vx and

improves the resulting conversion gain. It also provides filtering for any parasitic fLO

and 2fLO signals that are present since the impedance of the inductor is lower for these

signals. It is also possible to trade conversion gain for linearity by using degeneration

resistors or inductors in the sources of the RF transistors. In this implementation of

the 4× SHM the goal was maximum conversion gain, and therefore degeneration was

not used.

4.3.2 Input RF Balun

In some cases, single-ended signals are used as opposed to balanced signals. In order

to convert the single-ended RF signal to a balanced signal, an active balun was used

in this work primarily for ease of testing. The use of an active balun as opposed to

a passive balun enables this circuit to be conveniently implemented on chip since the

required size is vastly reduced. The topology of the active balun used is shown in

Figure 4.3. The circuit uses a common-source path to produce a 180◦ phase shift and a

common-gate path to produce the 0◦ signal with equal amplitudes [91]. An advantage

to this technique is the ability to achieve a reasonably good input impedance match to

50 Ω since the input to this balun is approximately that of the common-gate circuit,

Zin ≈ 1/gm (the resistor Rb is large). Therefore, with appropriate selection of device
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Figure 4.3: RF active balun circuit for the 4× SHM.

size and biasing, the input of the balun can produce wideband matching. While

this topology may be somewhat more sensitive to fabrication process variations than

a differential pair configuration, the elimination of matching inductors that would

likely be required with a differential pair balun saves significant chip area.

Simulation results of the active balun at an input frequency around 12 GHz show

that the phase error is approximately 6◦ and the amplitude imbalance is approxi-

mately 0.5 dB. The voltage loss through the balun at 12 GHz when the load is the

input to the SHM is −3 dB. Obviously, if a balanced RF signal was already available

then the RF balun would not be necessary and the resulting conversion gain would

be increased. Since the RF signal is not perfectly balanced, the RF–IF isolation may

be degraded somewhat. However, since the RF frequency is in the Ku-band and the
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IF frequency is quite low, this should not pose a significant problem since it could

easily be removed by a simple filter.

4.3.3 LO Phase Shifters

In order to realize the 4× SHM discussed in the previous section, octet-phase LO

signals are required. Octet-phase LO signals were also required in the SHMs presented

in [29–31, 35], however, all of these circuits were only 2× SHMs. RC–CR polyphase

filters were used to generate the required phase shifts in [15]. This technique, although

the simplest, can generate phase and amplitude errors due to fabrication tolerances

in the resistors. Similarly, the 45◦ phase shifter in [35] was also a passive network

consisting of resistors and capacitors. The technique used to generate the octet signals

in this work is similar to the technique used in [29]. This method essentially uses an

active summer to add a 0◦ and a 90◦ signal to realize a 45◦ signal,

Acos(ωt) + Acos(ωt+ π/2) =
√

2Acos(ωt+ π/4). (4.12)

This 45◦ phase shift is relative to a similar in-phase (0◦) adder circuit that adds

two signals with the same phase. The purpose of the in-phase adder is to equalize

parasitics in the two paths so that a more accurate 45◦ phase relationship can be

obtained. The circuit schematics of the 45◦ phase shifter and the in-phase adder are

shown in Figure 4.4. By the proper scaling of resistors, R45 and R0, the amplitudes of

the 45◦ phase shifter and the in-phase adders can be made equal and can potentially

achieve conversion gain (in this implementation there was a small conversion loss).

Since there is a total of eight in-phase and 45◦ phase shifter circuits, there may be

a significant increase in DC power consumption. Passive 45◦ phase shifter circuits

could be used for low-power applications.
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Figure 4.4: 45◦ phase shifter circuit. 0◦ and 90◦ signals are added producing a signal
at v45 that is 45◦ out of phase with the output of the in-phase adder, v0.

Clearly, to use the aforementioned technique, quadrature LO signals must be

available. In many cases, this is not a problem since a quadrature oscillator can

simply be used. To verify the proposed 4× SHM in this work, a differential LO input

signal was used along with a passive RC–CR 90◦ phase shifter, as shown in Figure

4.5. Simulation results on the complete octet-phase generator circuit show a phase

error of approximately 1◦ and a amplitude imbalance of less than 1 dB using this

technique. The main concern with using this technique is that the tolerance in the

various components in the fabrication process can lead to larger phase and amplitude

errors than are shown in simulations (particularly in the RC–CR 90◦ phase shifters)

and the resulting mixer performance will be degraded. A detailed analysis of the

effects of potential phase and amplitude errors using this technique were presented

in [29]. It was found that by following the polyphase filter with the active 45◦ phase
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Figure 4.5: 90◦ RC–CR phase shifter used in the 4× SHM.

shifting circuit shown in Figure 4.4 the resulting octet-phase outputs are actually

desensitized to phase errors in the polyphase filters. Furthermore, it was determined

that even with significant process variations of the resistance in the RC–CR 90◦ phase

shifters the resulting accuracy of the octet-phase signal was still within acceptable

limits [29].

4.3.4 Output Balun

In order to convert the differential amplifier output back to single-ended for mea-

surement, another active balun was used. Since the IF output will be at a relatively

low frequency (100 MHz, in this case), it makes the use of an active balun very

attractive compared to passive techniques, given the large wavelength of the sig-

nal. Furthermore, since the frequency is low, it makes the design of this balun very
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Figure 4.6: Output balun circuit for the 4× SHM.

straight-forward. The output balun is shown in Figure 4.6 which includes a differen-

tial pair with a single-ended output that is connected to a source-follower buffer. The

output balun was designed such that the differential voltage amplitude at the mixer

output equals the buffer output, vSHM0 − vSHM180 = vOUT . Therefore, there was no

gain in this stage that would contribute to the conversion gain of the mixer.

4.4 Measurement Results

To characterize the 4× CMOS SHM, coplanar waveguide (CPW) probes were used

for on-chip probing. An Agilent E4446A PSA Series spectrum analyzer was used to

observe the output spectrum of the mixer. The DC supply voltage was set to 2.75 V,

the RF input signal was −20 dBm at 12.1 GHz, and the LO signal was 10 dBm at
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3.0 GHz. Therefore, the desired IF output signal was at 100 MHz (fRF − 4fLO).

The mixer output spectrum was measured with the state of the spectrum analyzer as

follows: a frequency span from 1 MHz to 15 GHz, RBW and VBW equal to 3 MHz,

10 dB internal attenuation, average of 10 sweeps, 601 points, and 30 ms sweep time.

The output spectrum is shown in Figure 4.7. The conversion gain is approximately

5.8 dB and all other spectral components are below −45 dBm (more than 30 dB

below the IF).

To measure the 1-dB compression point, the gain at various LO input power

levels, the IP3, and the IP2, the settings on the spectrum analyzer were adjusted to

the following: a frequency span from 1 MHz to 150 MHz, RBW and VBW equal to

1.5 MHz, 10 dB internal attenuation, 10-point averaging, 601 points, and 1 ms sweep

time. In order to determine the 1-dB compression point of the mixer, the input
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Figure 4.7: Measured mixer output spectrum with −20 dBm RF power and 10 dBm
LO power.
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power was swept and the IF output power was measured. The measurement and

simulation results are shown in Figure 4.8. The measured input 1-dB compression

point is −12 dBm. The simulation results are very similar to the measured results,

however, the measurements show an earlier saturation than in simulation. The 1-

dB compression point would be improved somewhat if a differential RF input signal

was fed directly to the mixer without going through the balun circuit. Nevertheless,

an input P1dB of −12 dBm is very similar to the subharmonic mixers reported in

[24, 25, 28, 29, 37, 41, 42].

A plot of the conversion gain at various LO input power levels is shown in Figure

4.9. From this figure, conversion gain is achieved when the LO power is above 8.4 dBm

with a maximum conversion gain of approximately 6.5 dB occurring at 11 dBm LO

input power. An optimal conversion gain was determined to occur for an LO input
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Figure 4.8: 1-dB compression point measurement (LO power = 10 dBm).
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Figure 4.9: Conversion gain at various LO power levels for the 4× SHM.

power of 10 dBm while still having very strong suppression of undesired spectral

components (more than 30 dB below the IF). Note that these conversion gain values

were obtained while having a 3 dB loss through the RF balun, and therefore higher

conversion gains would be possible if a differential RF signal is already available.

A conversion gain of approximately 6 dB is the highest that could be found in the

literature for a 4× SHM, e.g. [38–43] (most of which exhibit a conversion loss).

The possibility of a lower RF interfering signal mixing with a subharmonic of the

LO was also considered. For example, a 6.1 GHz RF interfering signal could mix with

the 2× LO component at 6 GHz, which would interfere with the desired IF signal.

From the Taylor series expansion of the LO signal in Equation (4.10), there is, ideally,

no component at 2fLO, so the conversion gain from a 6.1 GHz RF to a 100 MHz IF

should be very low (ideally zero). Simulations show that this conversion gain is 40 dB
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below that of the desired mixing products, and therefore this is not a serious concern

(in addition there would likely be an RF filter that would attenuate out of band RF

signals anyway).

The third-order intercept point and the second-order intercept point were mea-

sured to determine the linearity of the mixer. To measure the IP3, a two-tone RF

signal was applied at 12.10 GHz and 12.11 GHz (LO power was 10 dBm at 3.0 GHz).

This produced third-order distortion signals at 90 MHz and 120 MHz. The results

are shown in Figure 4.10. The IIP3 is approximately −2 dBm and the OIP3 is ap-

proximately 4 dBm. Simulations were also performed to determine the maximum

IIP3 that could be obtained if source degeneration resistors were used in the sources

of the RF transistors to improve linearity. It was found that an IIP3 of over 10 dBm

could be achieved while maintaining a conversion gain of 0 dB.

To determine the IP2, the same two RF tones were applied (12.10 GHz and

12.11 GHz), but the spectral component at 10 MHz was observed as the RF input

power increased. The plot of this measurement is shown in Figure 4.11. The IIP2 was

determined to be approximately 17 dBm. It was found through simulations that the

output active balun seriously degrades the IP2. Simulations with an ideal IF output

balun show that the IP2 is increased by 14 dB, and therefore, the IIP2 of the mixer

itself is greater than 30 dBm.

The input reflection coefficient to the RF port was also measured using an Agilent

8510C Network Analyzer with a 50 GHz Agilent 8517B S-parameter Test Set. Cal-

ibration of the network analyzer was performed using a calibration substrate (SUSS

MicroTec CSR-3 GSG100-250). The network analyzer was calibrated from 1 GHz to

15 GHz with 401 points and the port power levels were both set to −30 dBm. No
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Figure 4.10: Third-order intercept point measurement (LO power = 10 dBm).
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internal network analyzer attenuation was used and no averaging or smoothing was

performed on the measured data.

The measured S11 is shown in Figure 4.12. Due to the common-gate device in the

RF balun there is relatively wideband input matching. The input reflection coefficient

is better than −10 dB between 10 GHz and 15 GHz.

To evaluate the susceptibility of the proposed SHM topology to DC offsets, the

procedure discussed in [15] was used. Specifically, the DC level at the output was

measured with three different setups: 1) Under DC bias only (RF and LO signals

not applied), 2) DC bias and LO signal applied (no RF signal), and 3) DC bias with

the LO signal and RF input. While performing the measurement in Step 1) both

the RF and LO ports were terminated in 50 Ω loads and in Step 2) the RF port

was terminated in a 50 Ω load. The difference between the measured DC output
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Figure 4.12: Measured RF input reflection coefficient for the 4× SHM.
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Ports Isolation

RF–LO 43 dB

LO–RF 71 dB

2LO–RF 52 dB

4LO–RF 59 dB

RF–IF 30 dB

LO–IF 68 dB

2LO–IF 55 dB

4LO–IF 59 dB

Table 4.1: 4× subharmonic mixer port-to-port isolation measurements.

values in Steps 1) and 2) indicate the amount of LO self-mixing. In the case of

the proposed 4× SHM, this value was measured to be 4.2 mV at an LO power of

10 dBm. The measurement in Step 3) includes the effects of the DC offsets produced

by second-order nonlinearities. The measured DC offset for this case was 1.2 mV.

The isolation between the ports of the mixer was measured and the results are

compiled in Table 4.1. Very high isolations between the ports were measured, with

all isolations being greater than 43 dB with the exception of the RF–IF isolation

(30 dB), which is predominately due to the amplitude and phase imbalance from the

RF balun. The LO–RF and the 4LO–RF suppressions, in particular are very high at

71 dB and 59 dB, respectively. These isolation measurements are very competitive and

in most cases improvements over previous SHMs (e.g. [21, 25, 27, 29, 33, 38, 42, 43]).

The noise figure for the entire circuit was measured using the Noise Figure Mea-

surement Personality of the Agilent E4446A PSA Series spectrum analyzer along

with an Agilent 346C noise source. A noise figure calibration was first performed by
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connecting the noise source directly to the spectrum analyzer input. The resolution

bandwidth of the spectrum analyzer was 1 MHz for the noise figure measurement.

The double sideband (DSB) noise figure was measured to be 15 dB (SSB NF ≈ 18 dB),

which includes the noise generated in the input RF balun. To determine the noise

of the mixer alone, simulations were performed with an ideal input RF balun and

the results show that the noise figure decreased by approximately 3 dB. Therefore, if

a differential RF is already available, the DSB noise figure would be approximately

12 dB, which is similar to, or an improvement upon, the subharmonic mixers de-

scribed in [24, 26–28, 33, 34, 37]. Flicker noise measurements were not performed

due to an output DC-blocking capacitor. It is expected that the flicker noise will be

increased somewhat compared to the traditional Gilbert-cell due to the additional

LO switching noise, as discussed in [94].

The DC power consumption for the mixer core was approximately 5 mW and

for the entire chip including the RF balun, LO octet-phase generation, mixer core,

output balun, and buffer, the power consumption was measured to be 113 mW. The

simulated power consumption for the octet-phase generation circuit and the mixer

core alone is approximately 50 mW. The chip dimensions were 850 µm × 850 µm

including pads. A photograph of the fabricated chip is shown in Figure 4.13.

4.5 Summary

A new 4× subharmonic mixer has been presented using CMOS 0.18 µm technology

that accepts a 12.1 GHz RF input signal and a 3.0 GHz LO signal and produces a

100 MHz IF output (fRF − 4fLO). The circuit requires octet-phase LO signals, which

are generated in this work through a polyphase filter and an active 45◦ phase shifting
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Figure 4.13: Microphotograph of the proposed 4× SHM.

circuit. An active balun was used for the RF port to convert the single-ended 12.1 GHz

signal to a differential signal and another active balun is used at the output to convert

the differential output signal back to single-ended for measurement. A conversion gain

of approximately 6 dB and a 1-dB compression point of −12 dBm was obtained. Very

high isolations between the ports were measured with LO–RF isolation of 71 dB and

4LO–RF isolation of 59 dB. The measured IIP3 and IIP2 were −2 dBm and 17 dBm,

respectively. The circuit dimensions are 850 µm × 850 µm. To the best of the

author’s knowledge, this is the first 4× subharmonic mixer demonstrated in CMOS

technology and it achieves the highest conversion gain for any 4× SHM to date. This

circuit could be used to reduce the LO self-mixing in a direct conversion receiver, or

in any mixer application where the reduction of the local oscillator frequency by a

factor of four is beneficial.



Chapter 5

Quadrature Oscillator

5.1 Introduction

In this Chapter a quadrature oscillator is presented that uses superharmonic coupling

[9]. This quadrature oscillator is suitable for use with both the 2× subharmonic mixer

discussed in Chapter 3, as well as the 4× subharmonic mixer discussed in Chapter 4.

The presence of harmonics in CMOS oscillator circuits is unavoidable. These

harmonics are generally unwanted signals that appear with the desired fundamen-

tal signal. In differential oscillators there exist common-mode nodes (like the two

source nodes in a cross-coupled oscillator) where higher-order harmonics are present

and the fundamental is essentially absent. These second-order harmonics present at

the common-mode nodes of two oscillators can be used to enforce a quadrature rela-

tionship between the fundamental outputs through a technique called superharmonic

coupling.

103
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5.2 Concept of the Quadrature Oscillator

The superharmonic coupling technique enforces a 180◦ relationship between the even-

ordered harmonics of two oscillator circuits, which produces a quadrature relationship

at the fundamental outputs, as shown in Figure 5.1a. While both passive and active

superharmonic coupling circuits are possible, this work uses an active circuit in or-

der to significantly reduce the required chip area. The performance of a quadrature

oscillator using the superharmonic coupling topology will be determined by the per-

formance of the two individual differential oscillators as well as the coupling network

that enforces the anti-phase relationship between the second-order harmonics at the

common-mode nodes.
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Figure 5.1: Quadrature oscillator superharmonic coupling techniques.
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5.3 Circuit Design

A very common way of implementing a CMOS differential LC oscillator is to use

a cross-coupled pair to generate the negative resistance required to overcome the

losses in the tank. The resistance looking into the cross-coupled pair is given by

−2/gm where gm is the transconductance of each of the FETs in the cross-coupled

pair. Therefore, with an appropriate device size and biasing, the negative resistance

required to counteract the losses in the tank can be realized.

The core quadrature oscillator circuit investigated in this work is shown in Figure

5.2. It consists of two cross-coupled oscillators connected through a cross-coupled

pair. It has been shown that by including cross-coupled PMOS transistors above the

cross-coupled NMOS transistors the phase noise of the oscillator can be improved

significantly due to the higher transconductance and faster switching speed of the

complementary structure [50]. The oscillation frequency for each oscillator can be

found from the familiar formula for the resonant frequency of an LC tank, where L

is the value of the on-chip spiral inductor and C is the total capacitance at the tank

nodes. The inductors used in this circuit were 150 µm × 150 µm with 4.25 turns. An

electromagnetic simulation of this inductor geometry predicted an inductance of 2 nH

and a Q-factor of approximately 4 at 3.0 GHz. The total capacitance including the

lumped capacitor as well as the parasitic capacitance was 1.4 pF to provide oscillation

at 3.0 GHz.

The network used to enforce the 180◦ phase difference in the second-order har-

monics is a critical part of the quadrature oscillator. It is this anti-phase relationship

that creates the quadrature phase relationship at the fundamental frequency. Conve-

nient common-mode nodes for coupling the second harmonic are the common-source
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Figure 5.2: Proposed quadrature oscillator core circuit.
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nodes in each of the cross-coupled differential pairs, shown as CM1 and CM2 in the

complete oscillator circuit schematic shown in Figure 5.3. DC blocking capacitors

were used so that transistors N5–N6 could be biased for optimal coupling. Since any

practical use of an oscillator involves connecting its output to other circuitry, buffers

must be used to ensure that loading does not disrupt the oscillations. Source-follower

buffers were used for each of the four outputs so that the oscillator can be measured

using equipment with 50 Ω input impedances. The current sources shown in the

buffer circuits in Figure 5.3 were implemented with the common current-mirror con-

figuration. Transistors N8 and N10 were used to ensure that there is equal loading of

the oscillator circuit. The 180◦ and 270◦ outputs were terminated on-chip with 50 Ω

loads and the 0◦ and 90◦ were connected to CPW pads for on-chip probing.
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Figure 5.3: Complete quadrature oscillator circuit.
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5.4 Measurement Results

To characterize the quadrature oscillator chip, coplanar waveguide probes were used

and several measurements were performed. The DC supply voltage was set to 1.8 V

and the bias voltage for the coupling circuit, VBIAS, was set to 0.85 V. To verify that

the circuit is producing outputs that have a 90◦ mutual phase shift, a digital sampling

oscilloscope (Tektronix TDS8000) was used. The test setup for this measurement is

shown in Figure 5.4. As shown in this figure, one output of the oscillator is split

in order to generate the trigger signal for the oscilloscope with the other splitter

output connected to Channel 1. An identical splitter is used in the other path with

one output terminated in a 50 Ω load and the other splitter output connected to the

Channel 2 input of the oscilloscope. This setup is used in order to maintain the phase

and amplitude relationships between the oscillator outputs while also generating the

required trigger signal. The loss and phase error introduced by the cables and splitters

was measured using a vector network analyzer (Agilent 8510C). Shown in Figure 5.5

are the time-domain output waveforms compensated for the loss and phase shift due

to the measurement setup for a time-span from 21.0 ns to 21.5 ns. The phase error

was determined to be less than 6◦.

To view the spectrum of the output signal, one of the quadrature oscillator outputs

was connect to a spectrum analyzer (Agilent E4446A PSA) while the other output

was terminated in a 50 Ω load. The spectrum analyzer was set for a frequency range

from 1.0 GHz to 14.0 GHz with 601 points, a RBW and VBW of 3 MHz, a sweep time

of 28 ms, no averaging and a 10 dB internal attenuation. The resulting spectrum is

shown in Figure 5.6. The strongest spectral component is at 3.007 GHz with a power

of approximately −6 dBm. The second harmonic at 6 GHz is below −20 dBc from the
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Figure 5.5: Measured time-domain quadrature oscillator output.
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Figure 5.6: Measured quadrature oscillator output spectrum.

fundamental. The phase noise of the oscillator was also measured using the spectrum

analyzer from 10 kHz to 10 MHz with 4207 points using the signal tracking option and

0 dB internal attenuation. The results are shown in Figure 5.7. The phase noise at

100 kHz, 1 MHz, and 10 MHz offsets are approximately −90 dBc/Hz, −116 dBc/Hz,

and −134 dBc/Hz, respectively. A commonly used figure of merit for oscillators is

defined as [95]:

FOM = L(∆f)− 20log

(
fc

∆f

)
+ 10log(PDC) (5.1)

where fc is the frequency of oscillation, ∆f is the offset frequency, L(∆f) is the phase

noise in dBc/Hz at ∆f, and PDC is the power consumption in mW . The power

consumption of the core of the quadrature oscillator is 7.5 mW (34 mW including



Chapter 5. Quadrature Oscillator 111

10
4

10
5

10
6

10
7−140

−130

−120

−110

−100

−90

−80

−70

−60

Offset Frequency (Hz)

P
ha

se
 N

oi
se

 (
dB

c/
H

z)

Figure 5.7: Measured phase noise of quadrature oscillator.

buffers). Therefore, the figure of merit for this oscillator is −177 dBc/Hz at a 1 MHz

offset. This result compares favorably with the VCO in [59], which uses a similar

superharmonic coupling circuit and has a FOM of −170 dBc/Hz. Aided by the use

of a complementary cross-coupled topology, an improved phase noise and figure of

merit were achieved in this work compared to the oscillator in [59] despite having a

lower tank Q-factor in each oscillator. While better phase noise performance has been

obtained with the use of a passive inverting transformer in [56–58], it comes at the cost

of the significantly increased chip area required with that technique. The proposed

CMOS quadrature oscillator in this work has an area of 650 µm × 500 µm excluding

pads and 800 µm × 670 µm including pads. This area is only 27% of the area used in

[56] (2000 µm × 1000 µm) and 34% of the area used in [57] (1250 µm × 1250 µm),

which both use superharmonic coupling with inverting transformers. The layout area



Chapter 5. Quadrature Oscillator 112

is 83% of area used in [59], which introduced this active superharmonic coupling

topology. A micro-photograph of the chip is shown in Figure 5.8.

Figure 5.8: Photograph of the proposed CMOS quadrature oscillator chip.

5.5 Summary

A CMOS quadrature oscillator was designed at 3.0 GHz using superharmonic cou-

pling. This technique couples the second-order harmonics between two oscillators and

forces an anti-phase relationship, which in turn forces a quadrature relationship at

the fundamental. To perform this coupling with a 180◦ phase shift, a cross-coupled

differential NMOS pair was used at the common-mode nodes. A pair of cross-coupled

PMOS transistors were used in each of the oscillator circuits in order to reduce phase

noise. This circuit could easily be adapted to a VCO by simply replacing the lumped
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capacitors in the tank circuits with varactors. This CMOS quadrature oscillator using

active superharmonic coupling shows very good performance with an output power

of −6 dBm, phase noise of −116 dBc/Hz at a 1 MHz offset, and a figure of merit of

−177 dBc/Hz. Furthermore, by using a cross-coupled differential pair as opposed to

an inverting transformer to create the 180◦ phase shift in the second-order harmonics,

significant chip area and design time can be saved (since EM simulations of a passive

on-chip inverting transformer are not necessary).
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A Dual-Band Mixer/Oscillator

6.1 Introduction

The desire to realize multi-function wireless communications devices has led to an

interest in designing circuits that operate in multiple bands in an attempt to avoid

a duplication of the RF circuitry. Often, in multi-band wireless communications sys-

tems there is a separate RF front-end for each frequency band of operation, consisting

of multiple low-noise amplifiers, mixers, and oscillators. Clearly, there is significant

potential to reduce power consumption and chip area required if some of the RF

front-end circuits can be used for more than one frequency band.

There have been several demonstrations of dual-band mixer circuits. For ex-

ample, in [96], a switched inductor matching network was used to match the input

impedance in the two bands of interest. Similarly, in [97], an L–C network was used to

achieve input and output matching simultaneously in the two desired bands. In [98],

a dual-band front-end was demonstrated, but used redundant circuitry as opposed

to realizing a dual-band mixer with a single mixer core. A dual-band up-converter

114
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was discussed in [99], but also used two mixer cores. In [100], a dual-band mixer

was realized using composite right/left-handed transmission lines, however, this im-

plementation would be difficult to employ monolithically. In each of these previous

designs, multiple local oscillators (LOs) were used, or an external LO signal was used

as the input to the mixer. In this chapter, a dual-band mixer/oscillator circuit is

demonstrated that uses a single oscillator and a single mixer core.

6.2 Concept of the Dual-Band Mixer/Oscillator

A block diagram of the proposed dual-band mixer/oscillator is shown in Figure 6.1.

This figure shows a down-converting mixer with differential RF input and IF out-

put, as well as a reconfigurable LO input. If a local oscillator is available that has a

Figure 6.1: Block diagram of the proposed dual-band mixer/oscillator.
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differential output at both fLO and 2fLO, two pairs of complementary switches can

be used to connect the desired LO signal to the mixer. Depending on the state of

the switches, the mixer can have an LO input in two different frequency bands, thus

permitting two different RF frequency bands at the mixer input while maintaining a

constant intermediate frequency output. The result is a dual-band mixer/oscillator

using a single on-chip quadrature voltage-controlled oscillator (VCO) along with a

single mixer circuit. Of course, a disadvantage of this technique is that the two

bands of interest can not be selected independently (due to the required second har-

monic relationship of the LO). To distinguish between the two states of the dual-band

mixer/oscillator, the term “fundamental-mode” will be used to describe the circuit

state where the fundamental oscillator output at fLO is connected to the mixer, and

the term “subharmonic-mode” will be used to describe the state where the 2fLO sig-

nal is connected to the mixer. This chapter will discuss the details of designing of a

VCO that has a differential output at fLO and 2fLO, as well as the mixer circuit that

was used. As a demonstration of this technique, a chip was fabricated using CMOS

0.13 µm technology with dual-band operation in C-band and X-band.

6.3 Circuit Design

The proposed circuit uses both the fundamental and the second harmonic outputs

of a quadrature oscillator connected to a mixer through complementary switches,

as shown in the block diagram in Figure 6.1. The design of the voltage-controlled

quadrature oscillator circuit and the mixer circuit will be described in detail below.
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6.3.1 Voltage-Controlled Quadrature Oscillator

The general topology chosen for the oscillator in this work is the well-known cross-

coupled pair oscillator. This basic oscillator circuit uses two cross-coupled transistors

to generate a negative resistance equal to −2/gm that is used to counteract the losses

in the L–C tank. The output of this oscillator is differential at the drains of the two

cross-coupled FETs. In order to use this technique to realize a quadrature oscillator,

two identical cross-coupled oscillator circuits can be used along with a connecting

circuit that enforces a quadrature relationship between the fundamental outputs, as

discussed in Chapter 5. There have been several techniques proposed to enforce

quadrature outputs including fundamental coupling circuits [55] and superharmonic

coupling circuits [9, 56–59]. As discussed previously, superharmonic coupling exploits

the existence of even-ordered harmonic signals at the common-mode nodes of an os-

cillator, the strongest of which is at twice the fundamental frequency. By enforcing

a 180◦ relationship between the second harmonic signals in the two otherwise sepa-

rate oscillator circuits, a quadrature relationship between the fundamental outputs

is obtained. Superharmonic coupling was the natural choice for this work, since the

second-harmonic signal will also be used for the mixer while in the subharmonic-mode.

Superharmonic coupling can be achieved using both passive [56–58] and active [9, 59]

techniques. Active superharmonic coupling was used for the quadrature oscillator in

this work because of its significant advantage of requiring much less space on-chip by

replacing the transformer with a cross-coupled pair of FETs.

The voltage-controlled quadrature oscillator circuit is shown in Figure 6.2. Each

of the two cross-coupled oscillators will oscillate at the same frequency determined

by fLO = 1/(2π
√
LCtot) where L is the inductance shown in Figure 6.2, and Ctot is
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Figure 6.2: Quadrature VCO using superharmonic coupling.

the total capacitance including the varactor capacitance, C, as well as any parasitic

capacitance at the output nodes. The nodes labelled CM1 and CM2 in Figure 6.2

are examples of common-mode nodes where only the even-order harmonics of the

fundamental outputs exist, the most dominant of which is the second harmonic at

2fLO. An additional cross-coupled pair is used to connect the two oscillators and

generate a 180◦ relationship between the second-order harmonic signals at CM1 and

CM2, which enforces a quadrature relationship between the fundamental outputs.

The frequency of the oscillator is tuned via a control voltage on the varactor shown in

Figure 6.2. An advantage of using the second-harmonic signal for the mixer while in

subharmonic-mode is the doubling of the tuning range of the oscillator compared to

the fundamental tuning range. Compared to the quadrature oscillator demonstrated
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in Chapter 5 [9], this oscillator does not use cross-coupled PMOS transistors above the

cross-coupled NMOS transistors in order to maximize the 2fLO signal at the common-

mode nodes CM1 and CM2. Furthermore, whereas the oscillator in Chapter 5 was

designed for a fixed frequency, varactors were used in this work to enable frequency

tuning.

The bias voltage on the gates of the coupling circuit, VSHC , is set to strongly couple

the 2fLO signal to ensure a differential relationship is established at CM1 and CM2

when the oscillator reaches a steady-state, thus resulting in quadrature fundamental

outputs. Source-follower buffers were connected to the four fundamental outputs of

the quadrature oscillator (not shown in Figure 6.2) so that the effect of connecting

the oscillator output to other circuits will be minimal.

6.3.2 Mixer

The mixer circuit uses the top half of the traditional Gilbert-cell topology. Figure

6.3 shows a simplified circuit schematic of the mixer in subharmonic-mode. The

common-mode nodes, where the second harmonic signal is dominant, are connected

to the sources of the RF transistors. These 2fLO signals at CM1 and CM2 are 180◦

out of phase with each other, which maintains the double-balanced characteristic of

the Gilbert-cell. The circuit could be implemented as shown in Figure 6.3 as a single-

band mixer with the doubled LO frequency output. If implemented in this way, the

use of an additional frequency doubler circuit connected to the fundamental output

could be avoided, thus saving chip space and reducing power consumption.

A simplified circuit diagram of the dual-band mixer/oscillator is shown in Figure

6.4. Included in this figure are the four source-follower buffers that are connected



Chapter 6. A Dual-Band Mixer/Oscillator 120

Figure 6.3: Simplified circuit schematic of the proposed dual-band mixer/oscillator
in subharmonic mode.
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Figure 6.4: Circuit schematic of the proposed dual-band mixer/oscillator.

to the fundamental quadrature oscillator output. The value of Rb was selected to

equalize the fundamental signal amplitude with the 2fLO signal amplitude at CM1

and CM2. To select the fundamental-mode for the mixer, the control voltage, VC , is

set to VDD, turning on switches Sw1 and Sw2 and turning off switches Sw3 and Sw4.

This connects the 0◦ and 180◦ fundamental outputs at fLO to the sources of the RF

transistors. The 90◦ and 270◦ fundamental outputs are connected to identical source-

follower buffers as the 0◦ and 180◦ outputs to maintain equal loads to the oscillator

tank. Note that the 90◦ and 270◦ fundamental outputs of the oscillator are not used

in the fundamental-mode of operation, however, they are required to generate the

2fLO signal at CM2 for the subharmonic-mode, and they could be used elsewhere in

the system if needed. For subharmonic-mode, the control voltage, VC = 0 V, turning
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off switches Sw1 and Sw2 and turning on switches Sw3 and Sw4. This connects the

0◦ and 180◦ 2fLO signals to the sources of the RF transistors.

An alternative circuit configuration to achieve a similar dual-band mixer/oscillator

would be to only use the fundamental outputs of the quadrature oscillator along with

the subharmonic mixer described in Chapter 3 [8, 36]. In this subharmonic mixer,

LO frequency doubling pairs of transistors are used with the 0◦, 90◦, 180◦, and 270◦

oscillator outputs. In order to achieve dual-band operation, a series of switches are

needed to connect the 0◦, 90◦, 180◦, and 270◦ signals to the appropriate LO transistors

for subharmonic-mode, and only connect the 0◦ and 180◦ to the appropriate LO

transistors for fundamental-mode. It was found through simulations that greater

conversion gain could be achieved by directly using the doubled frequency component

already present at the common-mode as opposed to using the quadrature fundamental

outputs with a LO doubling pair. Furthermore, a lower noise figure was obtained

by using the 2fLO signal directly from the oscillator due to the elimination of the

switching noise that accompanies the LO doubling pairs in the subharmonic mixer

topology of [8, 36].

Each of the two outputs of the mixer at VIF+ and VIF− are connected to source-

follower buffers and connected to bonding pads. These two signals are combined

off-chip and connected to the 50 Ω measurement equipment. The source-follower

buffers and combiner were designed such that the output voltage amplitude across

the 50 Ω load of the measurement equipment is equal to (VIF+ − VIF−).
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6.4 Measurement Results

The dual-band mixer/oscillator was characterized using coplanar waveguide probes,

signal sources and an Agilent E4446A PSA Series spectrum analyzer. The supply

voltage, VDD, was set to 1.5 V. The fundamental oscillation frequency was measured

at various varactor control voltages, Vcap, and the results are shown in Figure 6.5 for

the following spectrum analyzer setup: frequency range from 3.0 GHz to 8.0 GHz,

601 points, RBW = VBW = 3.0 MHz, internal attenuation of 10 dB. As shown in

this figure, the oscillation frequency can be tuned from 4.8 GHz to 5.8 GHz as Vcap

is varied from 0 V to 1.5 V. When the circuit is in subharmonic-mode, this output

frequency is doubled, thus giving an LO frequency range from 9.6 GHz to 11.6 GHz.
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Figure 6.5: Measured fundamental LO frequency tuning range for Vcap = 0− 1.5 V.
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The setup of the spectrum analyzer was then adjusted to measure the conversion

gain, 1-dB compression point, IP2 and IP3 of the mixer. For these measurements,

the frequency range was set to 1.0 MHz to 500.0 MHz with 601 points, RBW = VBW

= 3.0 MHz, continuous sweeping with a sweep time of 1 ms, an internal attenuation

of 10 dB, and the average of 5 sweeps were used.

The conversion gain of the mixer was measured in both states at various LO

frequencies and the results are shown in Figure 6.6. An IF frequency of 200 MHz

was used, giving an RF input frequency range from 5.0 GHz to 6.0 GHz and 9.8 GHz

to 11.8 GHz for the fundamental- and subharmonic-modes, respectively. Figure 6.6

shows a power conversion gain of between approximately 10 dB and 12 dB for the

fundamental-mode of the mixer, and a range from 5 dB to 12 dB for the subharmonic-

mode. The decrease in conversion gain at higher RF frequencies for the subharmonic-

mode is due to parasitic capacitances reducing the 2fLO signal amplitude as the

frequency is increased. Since the input RF signal to the circuit is applied directly to

the gates of MOSFETs, as shown in Figure 6.4, the input is not matched to a 50 Ω

system. This situation would likely be the case when the mixer is a sub-circuit of a

larger RFIC. The voltage conversion gain of the mixer is approximately 6 dB lower

than shown in Figure 6.6.

The RF power performance of the circuit was measured using a fixed LO funda-

mental frequency of 4.8 GHz (2fLO = 9.6 GHz), the input RF power was varied and

the output power of the IF signal was measured. The results of the fundamental-mode

measurement with an RF frequency of 5.0 GHz and the subharmonic-mode measure-

ments with an RF frequency of 9.8 GHz are shown in Figure 6.7. The two curves are

very similar, and the output 1-dB compression points both occur at −5 dBm. The
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Figure 6.6: Measured conversion gain at various RF input frequencies for a fixed IF
frequency of 200 MHz.
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Figure 6.7: Measured IF output power at 200 MHz for various RF input power levels
for both fundamental-mode (RF = 5.0 GHz) and subharmonic-mode (RF = 9.8 GHz).
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third-order intermodulation products were also measured using two-tone RF inputs

of 5.00 GHz and 5.02 GHz for the fundamental mode, and 9.80 GHz and 9.82 GHz for

the subharmonic-mode (IM3 signals at 180 MHz and 240 MHz). The results, shown in

Figure 6.8, display an OIP3 of 12 dBm for the fundamental-mode and 13 dBm for the

subharmonic-mode. The second-order intermodulation products were also measured

at an IM2 signal frequency of 20 MHz and the results are shown in Figure 6.9. The

mixer demonstrates strong linearity with an OIP2 of 40 dBm in fundamental-mode,

and an OIP2 of 50 dBm for subharmonic-mode.

The LO feedthrough was measured at the RF and IF ports and the results are

shown in Table 6.1. For this measurement, the spectrum analyzer was configured as

follows: frequency range from 1.0 MHz to 15.0 GHz with 601 points, RBW = VBW

= 3.0 MHz, a sweep time of 50 ms, 10 averages, and an internal attenuation of 10 dB.

This table shows the output power levels of the fLO and 2fLO signals at the RF and

IF ports for an LO fundamental frequency of 4.8 GHz. In fundamental-mode, the

LO signal at the RF port is −40.3 dBm, which is an isolation of approximately

40 dB since the oscillator output signal has a power of approximately 0 dBm from

simulations. Similarly, the 2fLO signal at the RF port for subharmonic-mode shows

about 36 dB of isolation. The RF to IF isolation was measured to be 35 dB for both

mixer states.

Since the switches are obviously not ideal, some of the 2fLO signal will leak into

the mixer while it is in the fundamental-state and some of the fLO signal will leak

to the mixer in the subharmonic-state. The conversion gain from the undesired LO

signal was measured to evaluate the mixer performance in this regard. With the

mixer in fundamental-mode (fLO = 4.8 GHz) an RF signal input of 9.8 GHz was
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Figure 6.8: Third-order intermodulation measurement for both fundamental and sub-
harmonic mixer modes.
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Fundamental-Mode Subharmonic-Mode

Feedthrough (dBm) Feedthrough (dBm)

fLO @ RF −40.3 −36.7

2fLO @ RF −25.1 −35.6

fLO @ IF −47.5 −48.4

2fLO @ IF −58.9 −46.1

Table 6.1: Fundamental-mode and subharmonic-mode LO feedthrough measurements

used and the power of the output signal at 200 MHz was measured. Ideally, there

should be no power at this frequency, but since some of the 2fLO signal at 9.6 GHz

leaks to the mixer, it will produce a 200 MHz IF output from the 9.8 GHz RF

signal. The conversion gain for this case was −15.2 dB. Similarly, with the mixer in

subharmonic-mode, an RF input of 5.0 GHz was used to measure the conversion gain

due to the leakage of the fundamental LO signal at 4.8 GHz. The conversion gain for

this case was −19.7 dB. In both cases the conversion gain is more than 20 dB below

the conversion gain from the desired LO signal.

The noise figure was measured using the Agilent E4446A PSA Series spectrum

analyzer along with an Agilent 346C noise source. A noise calibration was performed

before measurements were taken on the mixer. The DSB noise figure was measured

in both states and was found to be 8.7 dB for fundamental-mode and 10.9 dB for

subharmonic-mode. The DC power consumption of the quadrature oscillator alone

was measured to be 68 mW including the four buffers. The buffers that are connected

to the fundamental outputs of the oscillator consume a total of approximately 48 mW

(12 mW each). The mixer circuit adds an additional 2 mW approximately in both the
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fundamental and subharmonic states. A microphotograph of the fabricated chip is

shown in Figure 6.10. The dimensions of the chip were 875 µm × 600 µm (0.525 mm2)

including bonding pads.

Figure 6.10: Microphotograph of the fabricated dual-band mixer/oscillator chip.

6.5 Summary

A new topology for a dual-band mixer/oscillator has been demonstrated using CMOS

0.13 µm technology. This technique uses both the fundamental and second harmonic

outputs of a single on-chip quadrature voltage-controlled oscillator connected to a

mixer through complementary switches. For operation in C-band, switches connect

the fundamental oscillator output to the mixer, and for X-band operation, switches

connect the second harmonic of the oscillator to the mixer. The mixer achieves a



Chapter 6. A Dual-Band Mixer/Oscillator 130

conversion gain of at least 5 dB over RF frequencies of 5.0 GHz to 6.0 GHz and from

9.8 GHz to 11.8 GHz while maintaining a constant intermediate frequency output.

This circuit could be used as part of a multi-standard system on a chip to reduce the

number of circuit elements required, potentially resulting in lower power consumption

and reduced costs. This technique could also be very attractive at millimeter-wave

frequencies where the use of a frequency doubler circuit connected to the output of

a local oscillator could be avoided and in cases where the use of a broadband mixer

circuit is not possible.



Chapter 7

A Frequency Tripler Using a

Subharmonic Mixer

7.1 Introduction

Odd-order frequency multipliers, such as frequency triplers, are generally more chal-

lenging to design than even-order multipliers (e.g. frequency doublers) because sim-

ple cubic-law devices are not readily available in standard FET or bipolar integrated

circuit processes. Therefore, custom-built, strongly non-linear devices are often em-

ployed to realize frequency triplers such as heterostructure and quantum barrier var-

actor diodes [63–65]. In this chapter, an innovative, fully integrated CMOS frequency

tripler is presented based on the 2× subharmonic mixer described in Chapter 3. This

technique can provide significant suppression of the fundamental signal at the output

without the use of a filter and can achieve conversion gain.

131
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7.2 Concept of the Frequency Tripler

As shown in Figure 7.1, the incident signal, fin, is fed to both inputs of a 2× subhar-

monic mixer to generate the output frequencies 3fin and fin. The circuit includes a

feedforward mechanism to cancel the fin signal at the output, leaving only the 3fin

signal. A demonstration circuit operating at 3.0 GHz output frequency was fabricated

and it exhibits a conversion gain of up to 3 dB and a high fundamental signal rejection

of up to 30 dB without using any filtering structures either on or off-chip. The use

of the subharmonic mixer has the additional advantage that it naturally suppresses

the second, fourth, and other harmonics. The integrated circuit was fabricated using

a standard CMOS 0.18 µm process and it measures 800 µm × 1000 µm.

Figure 7.1: Block diagram of the proposed frequency tripler.
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7.3 Circuit Design

As shown in Figure 7.1, there are four sub-circuits in the proposed frequency tripler:

a 2× SHM, a subtractor circuit, and a feedforward circuit consisting of a phase shifter

and an amplifier. At the output of the SHM are the up- and down-converted frequency

components (2fin ± fin) at 3fin and fin. The fundamental feedforward phase shifter

and amplifier are designed to match the phase and amplitude of the fundamental

component at the SHM output so that significant fundamental cancellation can occur

in the subtractor circuit. Each sub-circuit of the tripler will be discussed in detail

below.

7.3.1 Subharmonic Mixer

The schematic of the subharmonic mixer is shown in Figure 7.2. This SHM uses

a topology similar to the one discussed in Chapter 3 with the RF and LO ports

exchanged from the traditional Gilbert-cell. There are two pairs of LO switching

transistors with 0◦ and 180◦ inputs and 90◦ and 270◦ inputs. These pairs of switching

transistors generate the second harmonic of the LO that enables subharmonic mixing.

The mixer also uses injection resistors, Rinj, connected between VDD and the sources

of the RF transistors (drains of the LO transistors). As discussed in [101], this

injection method can increase the conversion gain of the mixer. Most of the DC bias

current in the mixer flows through the injection resistors, which permits a larger bias

current for the LO transistors and generates a larger second harmonic signal current.

Without the injection resistors, the bias current flowing through each drain resistor

would be I/2, and Rd would be limited to values which maintain the saturation region

for all FETs. However, since most of the DC current flows through the injection
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Figure 7.2: Core of the 2× SHM used in the frequency tripler.

resistors, the bias current can be increased to improve the conversion gain while

simultaneously having a large Rd.

The generation of the quadrature LO signals was accomplished with RC–CR

phase shifters, as shown in Figure 7.3 (R1 and C1). Of course, if the fundamental

signal is generated by a quadrature oscillator, then the RC–CR phase shifters would

not be required and the outputs of oscillator could be connected directly to the LO

transistors, M5 to M8. In order to increase the LO drive of the SHM, and counteract

the loss in the RC–CR phase shifters, two inverter-amplifiers were used before the

phase shifters, as shown in Figure 7.3.

Due to parasitics, the amplitude of the output signals at fin and 3fin will not be

equal, with the 3fin component obviously being slightly lower. In this work, the SHM

was designed to provide a conversion gain of approximately 3 dB for the SHM output
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Figure 7.3: Generation of the frequency tripler quadrature LO signals.

signal at 3fin. For the signal component at fin, the conversion gain was about 4 dB.

7.3.2 Fundamental Feedforward Circuit

As shown in the block diagram in Figure 7.1, a feedforward technique is used along

with a subtraction circuit to suppress the fundamental tone that is present at the

output of the subharmonic mixer. In order to have significant cancellation of the

fundamental tone at the output of the tripler, the input signals into the subtraction

circuit must have very similar amplitudes and phases. Therefore, the fundamental
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feedforward circuit has to match the amplitude and phase of the fundamental tone

at the output of the subharmonic mixer. To this end, a phase shifter circuit is used,

followed by an amplifier as shown in Figure 7.4.

Only one of the two input differential signals was used for the feedforward circuit

(vIN180), while the other input (vIN0) was terminated in an impedance closely match-

ing the input impedance of the feedforward circuit to maintain equal amplitude input

voltage signals to the rest of the circuit.

To implement the phase shifter, an R–C network was used (R2 and C2 in Figure

7.4). A varactor was used for C2 so that the phase shifter could be tuned for optimal

fundamental cancellation. An inverter amplifier was used after the phase shifter and

its gain was designed to be slightly larger than the conversion gain of the subharmonic

mixer to account for the losses in the phase shifter. The output of the feedforward

Figure 7.4: Fundamental feedforward circuit used in the frequency tripler.
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circuit is given by:

vff =
−AffvIN180

1 + jωinC2R2

, (7.1)

where Aff is the gain of the feedforward amplifier. This output signal, vff , is then

used as one of the inputs to the subtractor circuit that cancels the fundamental

frequency signal present in the subharmonic mixer output.

7.3.3 Fundamental Cancellation Circuit

The schematic of the circuit used at the output of the subharmonic mixer to suppress

the fundamental is shown in Figure 7.5. An active balun, simply implemented as a

differential pair with a single-ended output, is used to convert the differential output

of the SHM to single ended. Any signals that are in common-mode at the output of

the SHM will be suppressed due to the inherent signal subtraction that occurs in this

differential pair active balun. Next, the single-ended active balun output, vSHM , is

used as the second input to another differential pair that is used for the subtraction

circuit. The other input to the subtraction circuit is the output of the feedforward

circuit, vff , shown in Figure 7.4 and as discussed in the previous section. The down-

and up-converted components of the subharmonic mixer output are given by:

vSHM = A1cos(ωint+ φ1) + A2cos(3ωint+ φ2), (7.2)

and the feedforward input to the subtraction circuit is given by:

vff = A3(cos(ωint+ φ3)), (7.3)

Whereas the phase of the feedforward signal is controlled by the phase shifter in

the feedforward circuit, the amplitude of the feedforward signal is controlled by the
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Figure 7.5: Simplified schematic of the active balun, subtractor, and output buffer
circuits.

gate bias of the subtractor differential pair (VS1 and VS2). By adjusting these gate

bias voltages, the amplitudes of the fundamental frequency components in the signal

currents, iSHM and iff , can be made equal for maximum cancellation.

Shown in Figure 7.6 is a calculation of the amount of fundamental tone cancellation

at the output that occurs for various amplitude and phase mismatches assuming an

ideal differential pair subtractor circuit. The phase difference on the figure is given by

∆φ = φ1 − φ3, and the amplitude match is quantified as α = iff/iSHM (the currents

generated by vff and vSHM , as labeled in Figure 7.5). The ideal case where ∆φ = 0◦

and α = 1 provides a complete elimination of the fundamental, as shown in the figure.

In order to obtain fundamental suppressions of 30 dB or more, 0.97 ≤ α ≤ 1.03 and

|∆φ| < 2◦.

The output of the subtractor circuit, VSub, is connected to a source follower buffer

to drive the external 50 Ω load. The output voltage, vOUT of the tripler at 3ωin is
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Figure 7.6: Fundamental suppression at various subtractor phase and amplitude
matches.

given by:

vOUT = ABufASub(vSHM − vff ), (7.4)

where ASub is the gain of the subtractor and ABuf is the gain of the buffer. The

overall gain of the cascaded balun, subtractor, and buffer circuits was designed to be

approximately one and therefore the gain of the subharmonic mixer determines the

conversion gain of the frequency tripler. In other words, the third harmonic signal

amplitude at the subharmonic mixer output, vSHM0 − vSHM180, is equal to the third

harmonic voltage amplitude at the output, vOUT .
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7.4 Measurement Results

To demonstrate the validity of this tripler concept, a 1.0 GHz to 3.0 GHz multiplier

was designed and fabricated. Coplanar waveguide probes were used to contact the on-

chip pads. The input signal was differential and the output spectrum was measured

using an Agilent E4446A PSA Series spectrum analyzer. The spectrum analyzer was

set to a frequency range from 200.0 MHz to 4.2 GHz with 601 points, an internal

attenuation of 10 dB, a resolution bandwidth and video bandwidth equal to 3.0 MHz,

a sweep time of 6.68 ms, and no averaging. The bias points were set and not changed

for any of the following measurements (with the exception of the tuned performance

plot, Figure 7.9). A typical plot of the output power spectrum is shown in Figure

7.7 for an input power of −10 dBm. From this figure, the output power of the third

harmonic is approximately −7 dBm, which is a 3 dB gain, and the fundamental is

suppressed by more than 30 dB. The second harmonic in Figure 7.7 is approximately

26 dB below the third harmonic, and the fourth (and all higher-order harmonics) are

more than 30 dB below the desired tripled frequency output. Note that these high

levels of suppression are achieved without any filtering (on- or off-chip), and without

the use of any inductors.

To measure the output power of the various harmonics at different input powers,

the spectrum analyzer was set to: a frequency range from 500.0 MHz to 4.0 GHz

with 601 points, RBW = VBW = 3.0 MHz, a sweep time of 5.84 ms, an internal

attenuation of 10 dB, and the average of 20 sweeps.

Figure 7.8 shows the output powers of the fundamental, second harmonic, and

third harmonic at various input power levels. At low input power levels the LO signals

are not large enough for the switching pairs in the SHM to generate a strong doubled
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Figure 7.7: Measured frequency tripler output spectrum with −10 dBm input power
at 1 GHz.

frequency signal, and therefore there is a low third-order output power. However, at

about −16 dBm input power, the SHM is in full operational mode. From −16 dBm

to −10 dBm input power the tripler is in its linear range. The slope of this line is

slightly greater than one, since the LO power is increasing simultaneously with the RF

signal. A peak conversion gain of approximately 3 dB is obtained at an input power

level of −10 dBm. The power of the fundamental at the output is below the third

harmonic at input powers above −17 dBm with significant rejection (greater than

10 dB) between −15 dBm and −8 dBm input power. At an input power of −10 dBm

there is a very large fundamental suppression of 30 dB. At this point the input signals

to the summer circuit are very closely matched (see Figure 7.6). The reason why

there is an optimal match at a certain input power level is due to the various leakage

fundamental signals that degrade the amplitude and phase match at other power
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Figure 7.8: Measured and simulated output power levels at various input power levels.

levels. The fundamental signal at the output shows two points at which there is high

suppression (at approximately −15 dBm and −10 dBm input power levels). These

two minima correspond to the point at which there is an optimal amplitude match

and the point at which there is an optimal phase match. The second harmonic in

Figure 7.8 is below the third-order signal by −10 dB or more for input powers above

−16 dBm. The second harmonic signal at the output is due predominately to the non-

linear distortion in the active balun at the output of the SHM since the fundamental

signal components at the gates of the differential pair are strong. The simulation

results shown in this figure are similar to the experimental results for the fundamental

and third-order harmonic output power levels, but noticeably differ in the second

harmonic response at low power levels. The difference in the measured and simulated

results for the second harmonic could be due to leakage of this signal through the
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substrate to other circuits (e.g. the second-harmonic distortion generated from the

strong fundamental signal at the balun could leak to the input of the feedforward

amplifier) and/or possibly limitations of the non-linear BSIM3 FET model that was

used for simulations.

By adjusting the phase shifter, a greater cancellation of the fundamental signal can

be achieved over a wider input power range. Shown in Figure 7.9 is the output power

spectrum with the fundamental feedforward circuit tuned for optimal fundamental

cancellation. The fundamental suppression is greater than 15 dB between −16 dBm

and −6 dBm input powers, and greater than 20 dB between input power levels of

−12 dBm to−6 dBm. The second harmonic is at least 10 dB below the third harmonic

over the entire input power range shown in Figure 7.9 and at least 15 dB below the

third harmonic from −12 dBm to −6 dBm.

Given this tripler circuit’s inherent reliance on balancing the fundamental signal

amplitude and phase at the output of the subharmonic mixer and in the feedforward

path, a built-in self-test and calibration circuit may be required if this topology was

used in mass production applications. For example, digital processing circuitry could

be used to automatically adjust the bias of the fundamental feedforward circuit in

correspondence with the input power level (see Figure 7.9). Due to process variations,

it may also be required that a self-test circuit be used to determine the current power

of the fundamental signal at the output and automatically adjust the feedforward

circuit to obtain maximum level of fundamental suppression.

Measurements were made at only one input frequency, 1.0 GHz, due to the quadra-

ture generator RC–CR phase shifter for the subharmonic mixer that works optimally
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Figure 7.9: Measured output power levels while the feedforward circuit is tuned for
optimal performance.

at only this frequency. However, there is not an inherent narrowband frequency limi-

tation with the proposed frequency multiplier topology. In fact, if a quadrature VCO

was used for the input signal then the multiplier circuit would work over a wide band-

width, with the only potential bandwidth restriction being from the tuning range of

the feedforward phase shifter (and obviously the frequency limits of the chosen pro-

cess technology). To evaluate the performance of the proposed tripler circuit over a

range of input frequencies without the limitation of the RC–CR phase shift network,

a simulation was performed using an ideal broadband quadrature input signal with

−11 dBm input power. The results, shown in Figure 7.10, indicate that without the

limitation of the phase shifter the circuit achieves a conversion gain and a fundamen-

tal suppression of over 10 dB for input signals between 400 MHz and 1.4 GHz without

tuning the feedforward circuit.
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Figure 7.10: Simulated broadband performance of the tripler using an ideal quadra-
ture input signal with a power of −11 dBm.

The phase noise degradation of the tripler was measured using the spectrum an-

alyzer for offset frequencies between 10 kHz and 1 MHz with 4207 points with 0 dB

internal attenuation and the signal-tracking option. The raw data and averaged input

and output phase noise results are shown in Figure 7.11. From theory, the minimum

phase noise degradation (PND) in a frequency multiplier is given by,

PND = 20log(n), (7.5)

where n is the order of multiplication. For the case of a frequency tripler, the minimum

phase noise degradation is 9.54 dB relative to the input signal phase noise. For

this circuit, the difference between the input and output phase noise from an offset

of 10 kHz to 1 MHz is 9.69 dB on average, which is quite close to the theoretical

minimum.
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Figure 7.11: Measured input and output phase noise for the frequency tripler.

The supply voltage of the circuit was set to 2.0 V and the DC current consumed

was 34 mA, resulting in a power consumption of 68 mW. A microphotograph of the

chip is shown in Figure 7.12. The dimensions of the chip including bonding pads was

1.0 mm × 0.8 mm (0.8 mm2). A performance comparison of several recent MMIC

frequency triplers with this work is presented in Table 7.1, which shows that the

proposed tripler method has advantages in terms of conversion gain and fundamental

suppression.
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Figure 7.12: Microphotograph of the frequency tripler with fundamental suppression
chip.

Ref . Technology fin Conversion Fundamental Area

(GHz) Gain (dB) Supp. (dB) (mm2)

[70] GaAs (Hybrid) 1 −5.7 62.7 ∼7000

[71] InGaAs PHEMT 12 −9.4 22.3 5.0

[72] GaAs PHEMT 15 −5.6 40 2.32

[73] CMOS 0.18 µm 8.8 −10.9 22.7 0.46

[74] CMOS 90 nm 20 – – 0.81

[75] CMOS 0.18 µm 2 −5.6 13 0.18

This Work CMOS 0.18 µm 1 3 30 0.8

Table 7.1: Comparison of several recent frequency triplers with this work
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7.5 Summary

A new topology for a frequency tripler circuit has been demonstrated. This technique

uses a 2× subharmonic mixer along with a feedforward circuit and a subtraction

circuit to realize fundamental cancellation. An input signal with frequency, fin, is

converted to fin and 3fin at the output of the subharmonic mixer (2fin ± fin). A

feedforward circuit is used for the input signal at fin and is connected to a summing

junction along with the output of the subharmonic mixer. In the summing junction,

the fundamental frequency signals, fin, in both the subharmonic mixer output and the

feedforward circuit output are cancelled, ideally leaving only the third harmonic, 3fin.

Advantages of this technique include the ability to realize very high levels of funda-

mental suppression without the use of a filter (up to 30 dB was obtained in this work),

as well the ability to obtain conversion gain (up to 3 dB was shown in this work).

Since no filters or inductors are required, this circuit can be implemented entirely on

chip in a relatively small area. Furthermore, phase noise measurements show that

the degradation is very close to the theoretical minimum. While the demonstration

circuit was at S-band, this technique could be used at much higher frequencies (e.g.

millimeter-wave) where the use of frequency multiplication circuits may be required.

If the proposed frequency tripler topology was implemented at a higher frequency it

may be possible to use a passive feedforward phase shifter and/or a passive subtractor

circuit on-chip, which would reduce the power consumption of the circuit.



Chapter 8

A Frequency Divider Using a

Subharmonic Mixer

8.1 Introduction

Similar to the odd-order frequency multiplier discussed in Chapter 7, odd-order high-

frequency analog frequency dividers are also much less common than even-order di-

viders (most commonly divide-by-2 or divide-by-4). Odd-order dividers can poten-

tially increase the flexibility and number of design options in a transceiver as well as

possibly reduce circuit complexity. In this chapter, a divide-by-3 frequency divider is

proposed that uses a subharmonic mixer to divide a 5.4 GHz input signal to 1.8 GHz

in CMOS 0.13 µm technology [11].

149
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8.2 Concept of the Frequency Divider

The concept of the proposed divide-by-three frequency divider is based on the re-

generative divider first introduced by Miller [79]. That circuit is commonly used to

implement a divide-by-two circuit using a mixer, a low-pass filter and possibly an am-

plifier. The block diagram of the traditional regenerative divider is shown in Figure

8.1.

As discussed in Chapter 2, in its steady-state this circuit has two potential mixer

outputs, 1
2
fin and 3

2
fin. A low-pass filter is then used to suppress the 3

2
fin signal, which

leaves the 1
2
fin for the feedback to the fundamental mixer as well as the output. By

using a 2× subharmonic mixer instead of a fundamental mixer it is possible to obtain

a frequency division by three. Shown in Figure 8.2 is the block diagram of the divide-

by-three circuit proposed in this thesis. The most significant change of this circuit

compared to the traditional regenerative divider shown in Figure 8.1 is the use of a

2× subharmonic mixer in place of the fundamental mixer. If the two inputs to the

subharmonic mixer are fin and fout, as shown in Figure 8.2 then at the output of the

Figure 8.1: Traditional Miller regenerative frequency divider.
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Figure 8.2: Block diagram of the proposed divide-by-three frequency divider.

mixer are two frequencies,

fin + 2fout (8.1)

and

fin − 2fout. (8.2)

The down-converted term in 8.2 is amplified by the tuned amplifier while the upcon-

verted term is attenuated, leaving (ideally) only the down-converted component at

the output. Therefore,

fin − 2fout = fout (8.3)

which shows the desired output,

fout =
1

3
fin. (8.4)

As mentioned above, the low-pass filter in Figure 8.1 has been changed to an

amplifier that is tuned to the 1
3
fin frequency to ensure that the 5

3
fin frequency has

significantly lower power at the output (and in the feedback path to the subharmonic

mixer). The use of this amplifier can improve the output power at 1
3
fin, but also
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ensures that there is sufficient gain around the loop to ensure start-up of the circuit.

This tuned amplifier, however, will limit the tuning range of the frequency divider.

8.3 Circuit Design

The divide-by-three circuit is based on a single-balanced version of the 2× subhar-

monic mixer demonstrated in Chapter 3, as shown in Figure 8.3. This circuit, which is

essentially half of the 2× subharmonic mixer discussed in previous chapters, requires

only a differential LO input as opposed to the quadrature LO input required for the

double-balanced subharmonic mixer. Transistors M1 and M2 produce the doubled

Figure 8.3: Single-balanced 2× subharmonic mixer circuit.
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frequency, which is then mixed with the RF input to produce an output at the drains

of the RF transistors with frequency fRF ± 2fLO.

In addition to the subharmonic mixer, Figure 8.2 also shows a tuned amplifier.

To implement this amplifier, a differential pair was used with L–C loads, as shown

in Figure 8.4. The output of the subharmonic mixer will be used as input to the

differential amplifier and the output of the tuned amplifier will be fed to the gates of

the LO transistors shown in Figure 8.3.

The simplified schematic for the entire circuit is shown in Figure 8.5 (biasing not

shown). It consists of the single-balanced subharmonic mixer shown in Figure 8.3

along with the tuned amplifier in Figure 8.4 and output buffers to drive the 50 Ω load

from either the measurement equipment or the input impedance of the next stage in

the circuit.

Figure 8.4: Tuned differential amplifier circuit.
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Figure 8.5: Simplified schematic of the proposed frequency divider (biasing not
shown).
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An inductor is used above the LO transistors as described in Chapter 4 in order

to increase the conversion gain of the subharmonic mixer. DC blocking capacitors are

used between the mixer output and the amplifier input and also between the output

of the amplifier and the LO transistors in order for optimal bias points to be used.

The bias point for the LO frequency doubling transistors is somewhat sensitive and

simulations showed that the optimal point is at VSS + Vt where VSS is the negative

supply voltage and Vt is the FET threshold voltage. Assuming ideal FETs that do

not conduct any current when the gate-source voltage is less than threshold voltage

the selection of this bias voltage will produce an absolute value signal (see Chapters

3 and 4 for detailed subharmonic mixer analysis). The current source shown for the

tuned differential amplifier is implemented using a standard current mirror.

8.4 Measurement Results

To evaluate the performance of the proposed divide-by-3 frequency divider, mea-

surements were performed using a probe station with differential coplanar waveguide

probes. The supply voltages were set to 1.5 V and −0.8 V for VDD and VSS, respec-

tively, and differential input and output signals were used, as shown in Figure 8.5. An

Agilent E4446A PSA Series spectrum analyzer was used with the following settings:

start frequency: 1.0 GHz, stop frequency: 6.0 GHz, RBW: 3 MHz, VBW: 3 MHz,

sweep time: 8.36 ms, 601 points, internal attenuation: 10 dB. With an input power of

−7 dBm at 5.4 GHz, the output spectrum is shown in Figure 8.6. The output spec-

tral component at 1.8 GHz (1
3
fin) is clearly the strongest at approximately −7 dBm,

which is a conversion gain of 0 dB. The fundamental signal power at the output is

−37 dBm and therefore the fundamental suppression is 30 dB. All other harmonics
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Figure 8.6: Measured frequency divider output spectrum with a −7 dBm input at
5.4 GHz.

at the output are suppressed by at least 35 dB.

To evaluate the performance of the circuit with various input frequencies, a con-

stant input power of −7 dBm was used and the output spectrum was observed. As

discussed previously, the bandwidth of the circuit is limited by the LC tank shown

in Figure 8.5 and outside this input frequency range no output at the divide-by-three

frequency will be obtained. The measured bandwidth for a −7 dBm input power

is shown in Figure 8.7. With an input power of −7 dBm the circuit operates from

5.2 GHz to 5.5 GHz with varying levels of output power at the desired divide-by-3

spectral component. The conversion gain of the divide-by-three frequency divider has

a minimum of −1.1 dB at 5.5 GHz and a maximum of 0 dB at a 5.35 GHz input

frequency. This increased output power can be attributed to the peak tank Q-factor
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Figure 8.7: Measured frequency divider conversion gain for various input frequencies
(−7 dBm input power).

at 5.35 GHz. Since this is a regenerative topology, the output power at the divide-by-

3 frequency is relatively constant and does not increase proportionally to the input

signal power.

The initial power of the 1
3
fin signal at the output of the subharmonic mixer is a

function of both the power of the input signal as well as the power of the feedback

signal at the other subharmonic mixer input port. Since regenerative dividers require

that the gain around the loop be greater than unity, it follows that the circuit will cease

operation at some point as the input power is decreased. Similarly, the bandwidth

of the divider will increase as the input power increases since the 1
3
fin signal at

the subharmonic mixer output will be stronger and will compensate for the lower

amplifier gain away from the centre frequency of the amplifier. Figure 8.8 shows
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Figure 8.8: Measured frequency divider bandwidth for various input power levels.

the bandwidth attainable for various input power levels. In order for this circuit to

operate, the minimum input power level is −15 dBm and a maximum bandwidth of

430 MHz can be obtained for an input power of 1 dBm.

The phase noise of the input signal at 5.4 GHz was measured as well as the output

signal at 1.8 GHz. From theory, it would be expected that the divide-by-3 output

signal would have a 20log(n) phase noise improvement, where n = 3 (a phase noise

improvement of approximately 9.54 dB). At a 100 kHz offset, the input signal phase

noise at 5.4 GHz is −112.6 dBc/Hz and at the 1.8 GHz frequency divider output the

phase noise is −122.1 dBc/Hz. The difference between input and output phase noise

is 9.5 dB, which is very close to the theoretical value.

The dimensions of this integrated circuit measures 1000 µm × 1000 µm (1.0 mm2)

and a photograph of the chip is shown in Figure 8.9. The power consumption for the
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divider core circuit is 44 mW and for the entire circuit including the output buffers it

is 55 mW (similar to, for example, the divide-by-3 circuit in [84], which had a power

consumption of 45 mW).

Figure 8.9: Frequency divider chip photograph.

8.5 Summary

An analog frequency divider was presented in this chapter that can divide the fre-

quency of an input signal by a factor of three as opposed to the much more common

even-order division ratios. The proposed circuit uses a subharmonic mixer instead of

a fundamental mixer in the Miller regenerative divider as well as a tuned amplifier.

The circuit achieved a maximum conversion gain of 0 dB and a bandwidth of up to

430 MHz. All harmonic components at the output were more than 30 dB below the
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desired output signal. The layout for the circuit was compact at 1.0 mm2 and the

power consumption for the core of the divider was 44 mW.



Chapter 9

Summary and Conclusions

9.1 Summary

Subharmonic mixers have applications in superheterodyne systems as a method of

reducing the local oscillator frequency, as well as in direct-conversion architectures

where the use of a subharmonic mixer can reduce the significant problem of LO self-

mixing. Furthermore, subharmonic mixers can be used to realize new circuits that

would not be possible using only fundamental mixers.

This thesis’ investigation of subharmonic mixers began with a 2× subharmonic

mixer demonstrated in CMOS technology. This down-converting subharmonic mixer

used a modified Gilbert-cell topology with quadrature LO signals that were generated

on-chip from a single-ended LO input. The RF, LO, and IF ports all used active

baluns, which simplifies the use of this circuit in a system that uses single-ended

signals. A formula for the conversion gain of this mixer was derived and compared to

simulation results. The circuit was designed for an RF input signal at 2.1 GHz and

an LO frequency of 1.0 GHz, which produces a 100 MHz IF output. Measurement

161
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results show a conversion gain of approximately 8 dB, an input 1-dB compression

point of −14 dBm, and an IIP3 of −8.5 dBm. Since the on-chip baluns have active

input matching, the measured input reflection coefficients for both the RF and LO

ports are better than −10 dB at the frequencies of interest.

Building upon the 2× subharmonic mixer results described above, a Ku-band 4×

down-converting subharmonic mixer was proposed. This is the first 4× subharmonic

mixer demonstrated in CMOS technology and achieves the highest conversion gain

for any 4× subharmonic mixer regardless of circuit topology or process technology

used. A differential LO input signal is converted to an octet-phase signal on-chip and

is used to internally multiply the LO frequency by a factor of four. The input RF

signal is single-ended and is converted to differential on-chip using an active balun,

and the mixer’s differential output signal is converted back to single-ended also with

an active balun. An RF signal at 12.1 GHz was used for measurement along with a

3.0 GHz LO frequency, generating a 100 MHz IF output. Measurement results show a

conversion gain of approximately 6 dB, an input 1-dB compression point of −12 dBm,

IIP3 of −2 dBm, and very high isolations between the ports (e.g. 4LO–RF isolation

of 59 dB).

While the required LO signals for the 2× and 4× subharmonic mixers described

above were generated off-chip using a signal generator, in most cases there will be

an on-chip quadrature oscillator that eliminates the need for the RC–CR 90◦ phase

shifters. A suitable quadrature oscillator was designed for use with either of the

proposed subharmonic mixers using active superharmonic coupling. Two identical

differential oscillators were used with a 180◦ coupling circuit connected to common-

mode nodes where the second-order harmonics are predominant, which results in a
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quadrature relationship is established between the fundamental outputs. A frequency

of 3.0 GHz was used since it is the LO frequency required by the 4× subharmonic

mixer. The frequency could be adjusted for use with the 2× subharmonic mixer by

simply changing the inductors and capacitors in the resonators appropriately. This

circuit is the most compact in terms of layout area compared to other oscillators using

the superharmonic coupling technique. The oscillator output power was −6 dBm, the

phase noise was −116 dBc/Hz at a 1 MHz offset, and the phase error was less than

6◦.

A dual-band mixer/oscillator was presented that operates in either C-band or

X-band. Whereas many dual-band systems require a complete set of RF front-end

circuits for each band of operation, this circuit uses only a single mixer core and os-

cillator core to realize operation in both bands. Since both a fundamental and second

harmonic LO signal are available in the quadrature oscillator circuit described above,

either of these signals can be connected to a mixer. By using a set of complemen-

tary switches that control whether the fundamental or second harmonic LO signal

is connected to the mixer, operation in two frequency bands is possible. Measured

results show an RF frequency range from 5.0 GHz to 6.0 GHz for the fundamental

state of the mixer where the fundamental LO signal is connected to the mixer for a

constant IF output of 200 MHz. When the second-harmonic LO signal is connected

to the mixer the circuit is in its subharmonic state and operates with RF frequencies

between 9.8 GHz and 11.8 GHz for a constant 200 MHz IF output. Conversion gain

was attained over the entire operational frequency range for both states of the circuit.

A new frequency tripler circuit was demonstrated that uses the 2× subharmonic

mixer described previously. This circuit uses a single input for both the RF and
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LO ports of the subharmonic mixer, thus producing output signal components at

the fundamental input frequency and at three times the fundamental. A feedforward

circuit is used to cancel the fundamental at the output, ideally leaving only the third-

harmonic. A 1.0 GHz input signal was used and the circuit achieved a conversion

gain of up to 3 dB at the 3.0 GHz output and a fundamental suppression of over 30

dB without using a filter at the output.

Lastly, a frequency divider was presented that is unique in that it divides the fre-

quency of an input signal by a factor of three, whereas the vast majority of frequency

dividers divide the input signal by an even-ordered factor (usually two or four). This

circuit uses a single-balanced 2× subharmonic mixer in a Miller regenerative divider

topology. Measurement results show a maximum conversion gain of 0 dB and suppres-

sion of the input signal frequency at the output of up to 30 dB. With an input power

of −7 dBm this circuit operates with an input signal frequency between 5.2 GHz and

5.5 GHz, producing an output from 1.73 GHz to 1.83 GHz.

9.2 Review of Contributions

This thesis has contributed to the field of microwave engineering in several ways re-

garding the design and applications of CMOS subharmonic mixers. In this thesis

one of the first subharmonic mixers with measured results in CMOS technology was

presented; this was the first to use the proposed mixer topology. Furthermore, this

2× subharmonic mixer had a conversion gain and other performance metrics similar

to fundamental mixers. Since single-ended signals are often used, this subharmonic

mixer used input and output active baluns to make the conversion from single-ended
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inputs to differential for internal operation, and then back to single-ended for mea-

surements.

The concept of the 2× subharmonic mixer was used as a basis for a more advanced

4× subharmonic mixer that operates at Ku-band. This circuit was the first 4× sub-

harmonic mixer using CMOS technology and it achieves the highest conversion gain

for any 4× subharmonic mixer regardless of circuit topology or fabrication technology

used.

Since both the 2× and 4× subharmonic mixers require a quadrature oscillator, a

new design was shown that could be used with either of the aforementioned mixers.

This oscillator was designed to require minimal chip area, and in fact was the most

compact quadrature oscillator that could be found in the literature that uses the

superharmonic coupling technique. Furthermore, this oscillator had the lowest phase

noise for an oscillator using active superharmonic coupling.

A dual-band mixer/oscillator was presented that can operate in either the C-band

or the X-band using single mixer and oscillator core circuits. Since these two circuits

can operate in two bands, the use of duplicate circuitry for each band, as has often

been used in the past, is avoided.

Next, a frequency tripler circuit was presented that is based on the 2× subhar-

monic mixer previously discussed. This circuit is unique in several aspects. First,

there are very few frequency triplers in the literature – most frequency multipliers are

times two or times four. The addition of a tripler circuit allows for more flexibility in

the transceiver design and can potentially eliminate the need for additional oscillators.

Also, this circuit can achieve high levels of fundamental suppression without filtering

the output signal since a feedforward circuit is used to cancel the fundamental signal
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component at the output. The elimination of a filter at the output of the frequency

multiplier can save significant space on-chip or avoid taking the signal off-chip to be

filtered by an off-chip SAW or FBAR filter, for example.

Finally, a divide-by-three frequency divider was demonstrated that is based on

a 2× subharmonic mixer. Measurement results show that this topology can achieve

very low conversion loss or even conversion gain and high-levels of suppression of

the undesired signals at the output. There have been very few odd-order frequency

divider circuits previously demonstrated, and this work can add flexibility to circuits

and systems by removing the limitation imposed by even-ordered dividers that have

been dominant in the past.

9.3 Future Work

There are several potential directions for future work on subharmonic mixers. The 4×

subharmonic mixer topology described in this thesis becomes even more attractive as

the operational frequency is increased since it becomes more difficult to design a local

oscillator. Therefore, the 4× subharmonic mixer circuit could be implemented at a

much higher frequency, for example, 40 GHz or above. Similarly, the frequency tripler

topology could be applied at millimeter-wave frequencies where frequency multipliers

are often required.

A direct-conversion receiver could be designed around either the 2× or 4× sub-

harmonic mixers in order to determine the maximum performance that is attainable

with the use of these subharmonic mixers.

An increase in the order of subharmonic mixing could be investigated. For exam-

ple, an 8× subharmonic mixer. However, this may be challenging using the proposed
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topologies since it would require splitting the LO into 16 phases. Furthermore, a

study into increasing the performance of the proposed subharmonic mixers could be

undertaken. For example, a low-noise or high-linearity version of the 2× or 4× sub-

harmonic mixers could be designed to further increase the attractiveness of using

subharmonic mixers in a variety of applications.

Lastly, a modification to the dual-band mixer/oscillator could be performed to

realize a tri-band circuit that could operate as either a fundamental mixer, a 2×

subharmonic mixer, or a 4× subharmonic mixer.
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